ABS T RAC T
In recent years, electromagnetic compatibility (EMC) problems associated with
high frequency and high speed interconnects are becoming of increasing concern.
Coaxial cables are a popular form of interconnect. In this thesis, the crosstalk coupling
between two parallel coaxial cables in free space and above a ground plane is
investigated. The degree of coupling is usually formulated analytically in the
frequency domain. In this thesis, a method for time domain simulation is proposed
using the TLM technique. Results are compared with frequency domain solutions and
experimental results. Also; the standard model has been improved by including the
skin depth effect in the coaxial cable braid.
The crosstalk between the two coaxial cables is observed through the induced
voltages on the loads of the adjacent cable, which is deemed to be the usual
measureable form of cable coupling. The equivalent circuit developed for the coupling
path of two coaxial cables in free space takes account of the differential mode (DM)
current travelling in the braids of the cables. As for the coupling path of the cables via
a ground plane, the equivalent circuit is developed based on the flow of differential
mode (DM) and common mode (CM) currents in the braid, where the coaxial braid’s
transfer impedance is modelled using Kley’s model.
The radiated electric (E) field from the coaxial cable above a ground plane is also
deduced from the predicted cable sheath current distribution and by the Hertzian
dipoles’ approach. Results are validated against the radiated electric field of a single
copper wire above ground. Both the simulated and experimental results are presented
in the time and frequency domains and good agreement is observed thus validating the
accuracy of the model.
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LIS T O F S Y MBO LS
The following symbols are used throughout this thesis:
b

hole width

D0

outer diameter of dielectric

c

speed of light

Dm

mean braid diameter

d

wire diameter

E

electric field

e

number of carriers

Erad

radiated electric field

f

frequency

G

conductance

h

height of cable

H

magnetic field

hr

radial spindle separation

I

current

IS

source circuit current

j
k

time step (iteration) number

It

tertiary circuit current

l

lay length

IV

victim circuit current

n

node (iteration) number

L

inductance

s

separation between cables

Ld

line inductance

t

time

LS

self inductance

z

Z transform variable

Ltd

tertiary circuit inductance

B

magnetic flux density

M

mutual inductance

C

capacitance

N

number of wires in each carrier

Cd

line capacitance

P

number of carrier crossings per

Cm

mutual capacitance

CS

self capacitance

Ctd

tertiary circuit capacitance

unit length

iv

Q

charge carried by pulses

R

resistance

RL

source circuit terminated

ZT

transfer impedance

α

braid angle

δ

skin depth

λ

wavelength

μ0

permeability of free space

resistance

μr

relative permeability

V

voltage

ε0

permittivity of free space

VS

source voltage

εr

relative permittivity

VR

voltage to the right

σ

conductivity

VL

voltage to the left

ω

angular frequency

YT

transfer admittance

∆f

frequency step (df)

Z

line characteristic impedance

∆l

space step (dl)

ZC

tertiary circuit characteristic

∆t

time step (dt)

∆x

node spacing in x-direction (dx)

∆y

node spacing in y-direction (dy)

∆z

node spacing in z-direction (dz)

resistance
RS

source resistance

R0L

victim circuit terminated
resistance

RVL

victim circuit terminated

impedance
ZP

end plate impedance
(differential mode)

Zts, Ztv end plate impedance (common
mode)

Additional symbols are used to clarify such quantities as certain line parameters,
voltages and currents. These symbols are generally defined where they are used in
their respective sections.
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Prefixes
A subscript prefix k is used to denote the time step (iteration) number.
A subscript prefix n is used to denote the node (iteration) number.
Suffixes
The following superscript suffixes are used:
i

pulse incident upon a node

r

pulse scattered from a node

Subscript suffixes are often used to denote a direction. In the case of a multiple
character suffix, the last character gives the function of the symbol while the first
character gives the direction of the function of the symbol.

Accents
The

symbol is used to denote a vector quantity.

The

symbol is used to denote a Fourier Transformed quantity

vi

TABLE OF CONTENTS
Abstract .......................................................................................................................... i
List of Publications .......................................................................................................ii
Acknowledgements ..................................................................................................... iii
List of Symbols............................................................................................................. iv
Table of Contents........................................................................................................vii
Chapter 1 ....................................................................................................................... 1
Introduction .................................................................................................................. 1
1.1

Electromagnetic Compatibility ........................................................................ 1

1.2

Crosstalk .......................................................................................................... 3

1.3

Overview .......................................................................................................... 5

Chapter 2 ..................................................................................................................... 11
Theory Of Cable Coupling ........................................................................................ 11
2.1

Coaxial Cables ............................................................................................... 11

2.2

Surface Transfer Impedance of Coaxial Cables ............................................ 12

2.2.1

Vance Model [2.11] ................................................................................ 16

2.2.2

Tyni Model [2.10] .................................................................................. 20

2.2.3

Kley Model [2.8] .................................................................................... 22

2.2.4

Comparison of the Transfer Impedance Models .................................... 25

2.3

Coupling of Coaxial Cables via a Tertiary Circuit ........................................ 27

2.3.1

Coupling between Two Coaxial Cables in Free Space .......................... 32

2.3.2
Plane

Coupling between Two Coaxial Cables via a Perfect Conducting Ground
37

2.3.3

Cable Coupling at High Frequencies ...................................................... 39
vii

2.4

Analysis of the Tertiary Circuit Parameters .................................................. 42

2.4.1
2.5

Per-Unit Length Characteristic Impedance of the Tertiary Circuit ........ 42

Conclusions.................................................................................................... 45

Chapter 3 ..................................................................................................................... 51
Experimental Measurements ..................................................................................... 51
3.1

Introduction to Measurement Facilities and Instruments .............................. 51

3.1.1

Frequency Domain (FD) Measurement Instruments .............................. 51

3.1.2

Time Domain (TD) Measurement Instruments ...................................... 52

3.1.3

Stray Reactance Measurement in the Brass Plates Instruments ............. 54

3.2

The Crosstalk Measurement Set Up .............................................................. 54

3.2.1

Frequency Domain (FD) Measurement .................................................. 56

3.2.2

Time Domain (TD) Measurement .......................................................... 67

3.3

External Impedance at the Brass Connector End Plates ................................ 80

3.3.1
Plates

Experimental Set Up to Measure the Excess Reactance in the Brass End
80

3.3.2

Results .................................................................................................... 84

3.4

Conclusions.................................................................................................... 91

Chapter 4 ..................................................................................................................... 94
Numerical Modelling .................................................................................................. 94
4.1

Time-Domain Numerical Techniques ........................................................... 95

4.2

One-Dimensional Transmission Line Modelling .......................................... 96

4.2.1

Time Synchronisation ........................................................................... 102

4.2.2

Numerical Modelling of the Surface Transfer Impedance ................... 105

4.3

Numerical Model of Two Coaxial Cables in Free Space ............................ 110

4.3.1
Comparison between the Digital Filter and Stub Inductance Model of the
Surface Transfer Impedance ............................................................................... 113
4.4

The Multimode Model ................................................................................. 116
viii

4.4.1

Implementation of the Multimode Model into TLM Model ................ 121

4.5

Numerical Modelling Results – Effects of Brass End Plates....................... 127

4.6

Conclusions.................................................................................................. 134

Chapter 5 ................................................................................................................... 137
Skin Depth Effect ...................................................................................................... 137
5.1

Analysis of the Skin Depth Effect ............................................................... 137

5.2

Modelling the Skin Depth Effect into the Tertiary Circuit .......................... 139

5.2.1

Skin Effect Model by Bidyut et al. [5.8] .............................................. 140

5.2.2

Skin Effect Model by Kim et al. [5.10] ................................................ 147

5.3

Results – Comparison between the Two Models......................................... 152

5.4

Results – Complete Characterisation of the Tertiary Circuit ....................... 155

C.
5.5

Validation of Time Domain Results ..................................................... 166
Conclusions.................................................................................................. 189

Chapter 6 ................................................................................................................... 192
Predicted Radiation Emission ................................................................................. 192
6.1

Introduction .................................................................................................. 192

6.2

Electric Field Estimates ............................................................................... 193

6.2.1

Analytical Solution ............................................................................... 193

6.2.2

Hertzian Dipole Technique................................................................... 193

6.3

Frequency Domain Radiated Field .............................................................. 195

6.4

Time Domain Radiated Field ....................................................................... 200

6.5

Frequency Domain Transmission Line Model ............................................ 202

6.5.1

Single Bare Copper Wire above Ground .............................................. 202

6.5.2

Single Coaxial Cable above Ground .................................................... 205

6.6

Experimental Set Up .................................................................................... 209
ix

6.6.1
6.7

Frequency Domain (FD) Measurement ................................................ 209

Results.......................................................................................................... 211

6.7.1

Bare Wire above Ground ...................................................................... 211

6.7.2

RG-58 Coaxial Cable above Ground .................................................... 215

6.8

Conclusions.................................................................................................. 220

Chapter 7 ................................................................................................................... 224
Conclusions And Future Work ............................................................................... 224
7.1

Conclusions.................................................................................................. 224

7.2

Future Works ............................................................................................... 229

7.2.1

The Effects of Transfer Admittance at High Frequencies .................... 229

7.2.2

High Frequency Time Domain Crosstalk ............................................. 230

7.2.3

Three-Dimensional TLM Model .......................................................... 230

Appendix ................................................................................................................... 232
A.

Log-Periodic Antenna Calibration .............................................................. 232

B.

Current Probe Measurement....................................................................... 234

C.

S11 Measurements of the Line-End Discontinuities ................................... 235

D.

RG-58 Coaxial Cable Parameters ............................................................... 239

x

Introduction

CHAP TE R 1
I NTR O D U C T IO N
1.1

Electromagnetic Compatibility
Since the early days of radio and telegraph communications, there have been

sources of electromagnetic interference from electronic devices [1.5]. These particular
electromagnetic waves inevitably cause interference which might cause other systems
to fail. Electromagnetic interference is concerned with a wide variety of systems
ranging from the human body to large electrical power systems, such as the national
grid, which are subject to interference as diverse as lightning, electrostatic discharge,
radio and television transmissions etc. Numerous other sources of electromagnetic
emissions such as DC electric motors and fluorescent lights also generate interference
virtually in all equipment powered by electrical supplies. The subject of
electromagnetic compatibility (EMC) is the branch of science and engineering
concerned with the ability of systems to function correctly in their electromagnetic
(EM) environment, making them immune to certain amounts of electromagnetic
interference (EMI), while at the same time keeping the interference they generate
within specified limits [1.2]. Subject areas within the EMC field include coupling to
and from external fields or within equipment design, emission tests such as radiation
from cables and other current carrying conductors; and susceptibility tests. This thesis
is concerned with the various electromagnetic emissions from one current carrying
conductor coupled onto another.
Interest in EMC is largely associated with military, aircraft and other heavy
machinery systems and limits were initially set for radio interference for commercial
and domestic EMC purposes [1.1]. However, due to the rapid increase in the use of
radio communications, digital systems, fast processors and the introduction of new
design practices, the sensitivity and susceptibility limits were established. The study of
EMC in all systems eventually became more important.
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For example, a strong transmission from a FM radio station or TV station may be
picked up by a digital computer. The received transmission then interferes with the
data or control signals resulting in incorrect function of the device. Conversely, a
digital computer may create emissions that couple into a TV, causing interference
[1.5]. Thus, in the design of electronic systems, it is crucial to minimise the
interference from and into the particular equipment. EMC compliance is required for
all types of electrical and electronic equipments during design, development,
production, installation and operational phases. On 3rd May 1989, the EEC adopted a
directive on EMC: electrical and electronic equipments brought on to the market must,
by 1st January 1992, meet certain EMC requirements (emission and immunity limits)
[1.3].
EMC problems can be divided into a number of issues such as EMI, Crosstalk,
Susceptibility and Emission. Due to EMC disturbances, the equipment will generally
be surrounded by some form of metallic enclosure, or shield, which contains apertures
through which EM radiation can penetrate and couple into circuits within the
equipment. The susceptibility to EMI is partly determined by the strength of signals
coupled into the equipment. The relative strength of the penetrating field is known as
the shielding effectiveness. The effectiveness of a shield can be viewed as being the
ratio of the magnitude of the electric (magnetic) field that is incident on the barrier to
the magnitude of the electric (magnetic) field that is transmitted to the barrier and is
computed in units of dB, given by:
(1. 1)

where Ei represents a field incident on one side of a shielding layer and Et represents
the field on the other side.
Shielding effectiveness, ideally, should be of the order of hundred dB. For
example, a shielding effectiveness of 100dB means that the incident field has been
reduced by a factor of 100k as it exits the shield. In order to realise an ideal shielding
effectiveness, the shield must completely enclose the electronics and must have no
penetrations such as holes, seams, slots or cables. Any penetrations in a shield unless
properly treated, may drastically reduce the effectiveness of the shield; therefore,
generating EMI such as the crosstalk, onto surrounding devices.
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1.2

A Review of Coaxial Cable Coupling
Many installations use coaxial cables to transmit signal from one device to

another. Unless a solid homogeneous tube is superconductive, it possesses finite
impedance, resulting in a non-zero external longitudinal electric field intensity
produced by the current in the tube [1.8]. Since the shield in coaxial lines is not ideal,
a leakage of the electric and magnetic fields contained within the area enclosed by the
outer conductor is inevitable, thus electromagnetically affecting external conductors in
close proximity. The transfer impedance of the braided shield cables can be accurately
determined; hence the primary objective in validating such phenomenon is to develop
the equivalent circuit for the corresponding system. Quantitative estimates of the
screening performances are determined by developing a general coupling model for
the crosstalk between braided coaxial cables, using circuit-based approach that
employs distributed parameters [1.16]. The specific feature of crosstalk study of
shielded cables in a wide frequency band is that, while the propagation regime in the
dielectric remains quasistatic, the shield works in the wave propagation regime in
conductors [1.7]. Mohr [1.27] states that when the coupled interference is determined
solely on the basis of magnetic coupling, it is shown that the interference is dependent
only on the character of the current in the source line. Many different analytical
approaches [1.10], [1.11] and [1.16] – [1.32] were developed to model the crosstalk
between two coaxial cables. Paul [1.9] theoretically explains that the coupling system
of two current carrying conductors in general can be modelled by deriving the
transmission line equations from a representation of the line as lumped circuit
elements distributed along the line using three methods:
 From the integral forms of Maxwell’s equations.
 From the differential forms of Maxwell’s equations.
 From the usual distributed parameter, per-unit-length equivalent circuit.
Paul’s theory [1.9] works basically for ideal situations by assuming that the two
conductors are perfect cylindrical conductors. The only approximate realistic manner
of this system is adjusted by including the per-unit length resistive loss in series with
the inductive element. Nonetheless, the per-unit-length parameters, ie: inductance,
capacitance and conductance, theoretically derived by Paul [1.9] can be implemented
into the cable coupling system (see Chapter 2, sections 2.3.1 and 2.3.2).
3
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Some of the earliest researches done on this subject were carried out by Bell
System Technologies on the crosstalk between coaxial telephone lines [1.12] – [1.15].
Schelkunoff and Oradenko [1.12] derived analytical formulas to model the crosstalk
of the said system in free space. The effects of the braid’s transfer admittance on the
crosstalk analysis were studied extensively by Sali [1.6] and [1.16]; by using an
optimized (HLE-45) and a standard (URM-43) coaxial cable. Kley [1.18]; and Badr et
al. [1.17] confirmed the accuracy of Sali’s [1.6] and [1.16] formulation through
experimental measurements in the frequency domain, proving that the inclusion of the
transfer admittance is not necessary for optimized cable braids as it has negligible
effects (described in detail in Chapter 2, section 2.2).
A further development of coupling between shielded cables above a common
metallic ground plane was introduced by Mohr [1.27] using 4 different configurations,
ie: open-to-open, shielded-to-open, open-to-shielded; and shielded-to-shielded wire
coupling. However, the use of a lumped circuit model limited his work to low
frequencies for which the cables are shorter when compared with a quarter of its
wavelength [1.17]. Ellinas [1.26] confirmed Mohr’s [1.27] analytical study under the
boundary condition of a short circuited outer sheaths of the cables (tertiary circuit).
The major part of Ellinas’ [1.26] contribution was the development of the crosstalk
analysis at high frequencies. A modification to Mohr’s [1.27] analysis was also done
by taking into account a finite resistance of the metallic ground plane.
The concept of tertiary circuit is analytically studied by Schelkunoff and
Odarenko [1.12]; and Tsalovich [1.8]. This coupling mechanism is applied for both
cases of the coupling system mentioned, and is shown in Figure 1.2.1.
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Figure 1.2.1: The concept of tertiary circuit illustrated by Tsalovich [1.8]
Schelkunoff and Odarenko [1.12] explain that a source line does not directly
affects a given victim line but also other circuits, if present. The signal from the source
line is instead transferred through the additional circuitry, and finally to the victim
line. Numerical analyses widely used which apply the same concept are Thomas et al.
[1.10]; Badr et al. [1.17], [1.22] and [1.25]; and Sali [1.6], [1.16] and [1.33].

1.3

Relevance of the Thesis
In practical situations such as aircraft, automotive and heavy machinery; large

amounts of cables are used, inevitably causing large amount of coupling. This thesis is
specifically concerned with the importance of time domain modelling of
multiconductor lines (mainly coaxial cables) and its radiated field emissions, where
few researchers have explored. It is therefore evident to describe time domain results
showing time domain effects such as jitter and general signal integrity. This thesis also
shows improvement in the accuracy of crosstalk in multiconductor lines associated
with several aspects where previous work has failed to explain. While most work
discussed with relevance to the cables itself, this work has successfully proved the
importance of the cables’ connections and terminations (vertical supports) and its
effects in detail. The accuracy of the coupling effects are further improved when time
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domain skin effect is implemented in the coaxial cable braids, where this loss factor is
often ignored.

1.4

Overview
The purpose of this section is to describe the structure of the work presented in

the following chapters. The work can be divided into two parts: the theoretical
derivation of the numerical model simulations and experimental measurements of the
system. Results are presented throughout to illustrate specific points but the major
results for the total coupling effect in the system have been compiled in Chapter 5.
Chapter 2 reviews the theory in detail behind different techniques modelling the
surface transfer impedance of a coaxial cable and also coupling configuration between
coaxial cables via a tertiary circuit, including their per-unit length parameters used in
this work:
 Coupling between two coaxial cables in free space
 Coupling between two coaxial cables via a perfect ground plane
Chapter 3 is concerned with the crosstalk experimental measurements of the two
coupling configurations in Chapter 2. Experimental arrangement using RG-58
coaxial cables and the utilized equipments are described in detail. Experimental
measurements are carried out and presented to describe the impact of end plates on
coupling.
Chapter 4 reviews the theory of the 1-Dimensional TLM models and presents the
implementation techniques for the two coupling configurations used in the numerical
model. Results comparing numerical predictions and experimental measurements are
presented both in time and frequency domains. Results are compared between the
numerical predictions and measurements, showing the effects of a lossless tertiary
circuit against the effects of the vertical supports (brass end plates).
Chapter 5 describes a feature not normally included in published studies of the
characterization of the tertiary circuit, namely the skin depth. It presents the analysis
of two different techniques to model the skin depth in the time domain together with
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its implementation into the tertiary circuit model. Results are compared between
numerical predictions against measurements, showing the effects of skin depth effect
for all configurations presented in this research work.
Chapter 6 is concerned with the radiated electromagnetic field analysis. The
experimental arrangement of the antenna and the cable in a screened room is
described. It also presents a comparison between the numerical predictions and
experimental measurement of the radiated interference for two different configuration
systems:
 A simple bare wire above a perfect ground plane
 A single coaxial cable above a perfect ground plane
Chapter 7 presents the conclusions of this research work and possible future
research is discussed.
The main achievement of this research in the modelling of interconnects can be
summarised below:
1. Time domain modelling of coaxial cable coupling.
2. The inclusion of cable termination effects (ie: brass end plates).
3. The loss factor; specifically due to the skin effect, included in the tertiary
circuit and modelled in the time domain showing significant impact.
4. Time domain simulation validated against time domain measurements and
through Fourier transform of the results validated against frequency domain
measurements.
5. Technique for predicting radiated fields in the time domain using the Hertzian
dipole approach developed for coaxial cables and validated against frequency
domain measurements after Fourier transforming the time domain data.
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CHAP TE R 2
THEORY OF CABLE COUPLING
2.1

Coaxial Cables
The coaxial cable was invented in 1929 and first used commercially in 1941 [2.1].

AT&T established its first cross-continental coaxial transmission system in 1940 [2.1].
Depending on the carrier technology used together with other factors, the alternatives
to the coaxial cable are the twisted pair copper wire and the optical fibre cables.
Coaxial cable is the type of copper cable used by cable TV companies between the
community antenna and user homes and businesses. It is sometimes used by telephone
companies from their central office to telephone poles near users, and also widely
installed for use in business and corporation such as Ethernet and other types of local
area network. A coaxial cable comprises two conductors that share a common axis, an
inner conductor (copper wire) and an outer cylindrical conductor, which is usually
earthed and provides the return path. The outer conductor is usually braided
(commonly copper material) to allow for a more flexible cable. It is used to carry
various signals, ie radio signals and is an extremely popular form of interconnect in
the rapidly developing electronics industry. Figure 2.1.1 shows the cross section area
of a RG-58 coaxial cable.

Outside
Insulation

Polymer Insulation
Outer Conductor
(Commonly
known as braid –
copper material)

Inner Conductor
(Copper Wire)

Figure 2.1.1: Cross section area of a RG-58 coaxial cable
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2.2

Surface Transfer Impedance of Coaxial Cables
Coaxial cables are light and flexible but still possess a relatively high degree of

shielding effectiveness. Systems connected to coaxial cables are not ideal. The outer
conductor functions as a shield to reduce coupling of the signal into adjacent wiring.
In general, the choice of cable type for a particular application is a compromise
between various aspects, such as cost, diameter, weight, flexibility, RF losses and
shielding [2.2]. The factors affecting these parameters include the structure of the
inner and outer conductor, dielectric insulation layer and the sheath of the cable. More
shield coverage means less radiation of energy. However, it does not necessarily mean
less signal attenuation. The terms ‘shielding’ and ‘screening’ of a coaxial system is
often used. It concerns mainly with the leakage from the woven characteristics of the
braid. This leakage of energy into the coaxial cable when the exterior of the braided
shield is subjected to interference of an electromagnetic field is described by Sali et al.
in [2.3]. The penetration of such energy depends on the frequency of the incident
source (wave or signal pulses). The penetration of energy into the braid at low
frequencies is due to the diffusion of energy of the electromagnetic field whereas at
high frequencies, the penetrations are due to:
 Electric coupling parameters causing the penetration of electric field (Transfer
Admittance)
 Magnetic coupling parameters causing the penetration of magnetic field
(Transfer Impedance) [2.3]
The penetration of the magnetic field may be modelled by the concept of surface
transfer impedance per unit length, ZT, which essentially behaves like an inductive
reactance at high frequencies [2.3]. The term surface transfer impedance was used in
the literature as long ago as the 1930s, and one of the first authors to define it was
Schelkunoff [2.5]. Cable shields are important in overall system performance as they
can be of significant length and can run through electromagnetically hostile
environments. The basic general concept of a cable shield’s surface transfer
impedance is explained in [2.4]. For example, consider a cylindrical shield of a cable
with thickness, D, as shown in Figure 2.2.1.
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(a)

IS
IC
V=0
VS ≈ V0(z)

I0(z) = IS + IC
Ground

(b)

D

a

Figure 2.2.1: Configuration used to calculate transfer impedance (a) Currents and
voltages for a shielded cable analysis. (b) A cross section area of a cylindrical shield
with radius a
The transfer impedance of the shield is one measure of the effectiveness of the
shield and in its most general form the transfer impedance can be defined as:
(2. 1)

where I0 is the total current flowing in the shield and

is the change in open circuit

voltage generated by this current along the transmission line formed by the shield and
the conductors enclosed by the shield [2.11]. Metal braided shields allow the
penetration of electromagnetic field through holes, cracks, etc. and are characterised
by mutual-coupling components as well as the diffusion components. This is
illustrated in Figure 2.2.2 [2.11].
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(a)
Aperture

H(I+)

H(IS)

(b)

Figure 2.2.2: Penetration of electromagnetic fields through the apertures of the
cable’s braided shield through (a) Magnetic coupling. (b) Electric coupling [2.11].
In addition to the diffusion of energy due to magnetic field at high frequencies, the
electric coupling produced by an electric field, which would otherwise terminate on
the outer surface of the shield, penetrate through the holes in the shield and
terminating on the inner conductor. The penetrating of this electric field may be
represented by the concept of transfer admittance, YT, between the inner conductor and
the return path for the shield, which essentially behaves like a capacitive reactance at
high frequencies. As implied in Figure 2.2.2, the effects of electric coupling requires
that the external circuit of the shield current be considered, as well as the internal
circuit of the shielded conductor. In its most general form, the transfer admittance can
be defined as:
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(2. 2)
where V0 denotes the voltage between the shield and the return path for the shield
current.

defines the change in short circuit internal circuit current along the shield

per unit length [2.11]. The analogy of the derivation of the transfer admittance gives
rise to the equivalent electric dipole developed by Kaden [2.6] and Marcuvitz [2.7].
This derivation is associated with the assumption, where the hole and charge from the
outer shield from the return path is induced into the inner conductor by this dipole.
This analysis yields a mutual capacitance, C12, between the inner conductor and the
return path of the shield. Therefore, the mutual coupling of the transfer impedance, ZT,
and transfer admittance, YT, is expressed by the mutual inductance, M12, and mutual
capacitance, C12, caused by the apertures between the inner conductor and the external
circuits enclosed by the shield, giving [2.6], [2.7]:
(2. 3)

(2. 4)
where a denotes the outer shield radius; μ and ε denotes the permeability and
permittivity of the internal polymer insulation respectively; and v denotes the number
of identical apertures per unit length of the shield. p and m represent the electric and
magnetic polarization of the apertures respectively. C1 is the capacitance per unit
length between the internal conductors and the shield while C2 is the capacitance per
unit length between the outer shield and the shield’s return path. The assumption made
for equations (2.3) and (2.4) to be valid is that the dimensions of the apertures are far
smaller than the outer shield radius, a, and the wavelength of the current path, λ.
Many improvements to the models for transfer impedance and transfer admittance
of the braid have been proposed [2.5] – [2.17], which serve as the usual practical
measure of the shielding properties of the shielded cables [2.8], [2.10] and [2.11]. This
aspect will be discussed and compared further in this chapter. The best solution for the
modelling of the geometrical properties in the braided shield is then selected to model
the transfer impedance of the RG-58 coaxial cable.
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2.2.1

Vance Model [2.11]

(a)

Braid
D0/2
Inner
Conductor

Dielectric

d/2

Dm/2

εr

(b)

nd
Dmπ

α
l/P
l
Figure 2.2.3: (a) A cross-section of a coaxial cable. (b) A detailed braided shield with
defined basic parameters
A typical coaxial cable with a braided shield has a conducting shield containing a
large number of small diamond-shaped openings owing to the criss-crossing belts of
conductors, illustrated in Figure 2.2.3. The analysis of braided wire shields widely
used in RF transmission lines and shielded multiconductor cables for electronic
systems is based on the theory of coupling through electrically small apertures or irises
of the braid, derived by Kaden [2.6] and Marcuvitz [2.7]. The aperture theory is
adapted to the single-layer braided shield so that the transfer impedance of the braided
shield can be expressed in terms of physical parameters such as wire size, number of
wires per carrier, number of carriers, and braid angle. The transfer impedance
expressions and shield parameters are expressed in a way that the effect of varying
such parameters as shield coverage, ie: wire size, braid angle, etc. can be assessed
[2.7]. Many authors have worked on the calculation of the coupling parameters of
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shielded cables. However, this chapter concentrates mainly on the important
contributions made towards the development of the surface transfer impedance,
presented by Tyni [2.10], Vance [2.11], and Kley [2.8].
Tyni [2.10] identified two magnetic coupling processes to account for the
inductive rise of ZT at high frequencies. The coupling by direct penetration of the
external fields to the interior through the holes in the braid give rise to hole
inductance. The magnetic flux coupling in the circuits between the inner and outer
layers in the braid results in another inductance, known as the braid inductance.
Measurements were performed [2.13] and established that when the hole inductance of
the braid is greater than the braid inductance, ZT has a positive value and vice versa. It
has been suggested by Tyni [2.10] that for braid angle less than 45˚, the hole and the
braid inductances oppose each other and greatly reduced ZT values may be obtained
for a particular optical coverage in the shield where the difference between the two
inductances is minimum [2.9].
Benson et al. [2.14], Homann [2.15], McDowell et al. [2.16] and Sali [2.36]
proved that it is theoretically possible to design a coaxial braid with a minimum of ZT,
where the braids are considered to be optimized braids. Optimized cable braids such as
the RG-400 coaxial cable have very low optical coverage and they require much lower
fillings, allowing low ZT values to be obtained. The low optical coverage in the braid
reduces braid inductance but increases hole inductance due to the increased number of
holes and their increased sizes. Therefore, this accounts for the much higher electric
field coupling within the braid. Since optimized braids have low optical coverage that
is much smaller than a standard URM-43 coaxial cable, they do give rise to increased
electric field coupling. Therefore, YT, represented by capacitive coupling impedance
may assume values that are comparable to the values of ZT and hence, impossible to be
ignored, especially when the analysis for various field coupling and crosstalk is
concerned.
The Vance model [2.11] is one of the earliest and simplest models for the transfer
impedance. Similar to Tyni, it is suggested by Vance [2.11] that the transfer
characteristics of a braided shield can be defined in terms of Dm, N, P and d. A typical
braid pattern is illustrated in Figure 2.2.3. From the given parameters, the fill factor of
the braid can be equated as:
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(2. 5)
The optical coverage of the braid is given by:
(2. 6)
Braid angle, α, plays an important role in determining the shape of the braid and
its magnetic field coupling, which mainly affects the value of ZT. For braid angle,
, the major axis of the diamond-shaped holes is perpendicular to the magnetic
field, where the shape is oriented for a minimum magnetic coupling through the
aperture of the braid. As for braid angle,

, the major axis of the diamond-

shaped holes is parallel to the magnetic field, orienting the shape for a maximum
magnetic field coupling through the shield’s aperture.
Finally, the transfer impedance of the braided shield can be approximated using
two components. The first component determines the diffusion of the electromagnetic
leakage energy through the shield. Meanwhile, the second component determines the
penetration of the magnetic field coupling through the shield’s aperture. Vance [2.11]
further develops the diffusion of the low frequency resistive component, Rdc, of ZT, in
(2.9). This DC resistance per unit length of each conductor is approximated by
assuming that the conductor of d diameter is isolated from all other conductors, in
which the contact resistance between the cables is large compared to the cable
resistance, giving:
(2. 7)
The DC resistance per unit length of the shield is:
(2. 8)
It is found in [2.5] that by assuming that this DC resistive component behaves in
the same manner as the diffusion term in a cylindrical tube with thickness d, the skin
depth effect implemented together with the DC resistance of the braid, giving a total
screen impedance of:
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(2. 9)

where the skin depth, δ, can be equated as:

(2. 10)

From (2.4), similar shapes such as ellipses with semicircular ends, the
polarizability of the diamond-shaped aperture can be represented by the polarizability
of an equivalent elliptical aperture. The magnetic polarizability of the elliptical
aperture has been derived in closed form for parallel to both the major and minor axis
of the ellipse [2.12]. Hence, for the major axis, the magnetic polarizability of the
ellipse is given by:
(2. 11)
As for the minor axis, the magnetic polarizability of the ellipse is given by:
(2. 12)
where e represents the ellipse’s eccentricity, given by:

(2. 13)

where w and l denote the minor and major axis of the ellipse respectively.
K(e) and E(e) are complete elliptic integrals of the first and second kind,
respectively, and can be defined as:

(2. 14)

(2. 15)
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Assuming that the braided shield pattern can be simulated by ellipses having
similar major and minor axes to the rhombic holes, the mutual inductive coupling
which represents ZT associated with the apertures can be approximately equated as:

(2. 16)

or

(2. 16)

The total transfer impedance for the braided shield cable can then finally be
expressed as:
(2. 17)

2.2.2

Tyni Model [2.10]

Apart from the Vance model [2.11], the Tyni model [2.10] is studied extensively
in [2.14] and found to be reasonably accurate in modelling the transfer impedance of
coaxial cables. In [2.14], detailed measurements were carried out based on theoretical
model developed by Tyni [2.10], which demonstrated good agreement. The braided
cable shield provides a certain increase in attenuation compared to a continuous
conductor. As mentioned, the contribution to this leakage is from the inductive
coupling between the internal and outer conductor of the coaxial cable. Hence, the
transfer impedance can be expressed in terms of an inductive term, giving:
(2. 18)
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where R in (2.18), is expressed as the resistive component of the braid at low
frequencies.
Tyni’s prediction of the leakage from coaxial cables is based on the theoretical
analysis of a non-optimized braided cable, which uses a minimised electric
(capacitive) leakage. In the Tyni model [2.10], the transfer impedance is found from
two inductances, ie: braid and hole inductances. It is a further development from
Vance [2.11], which only considers the braid inductance. The braid inductance, Lb,
arises from the woven nature of the braid. The principal idea behind this qualitative
inductance is that Lb is treated as an inner inductance between the two interlaced
halves of the braid, relating it only to the geometry of the braid. The leakage or gap
inductance, Lh, is the hole inductance due to the apertures in the shield. Lb and Lh can
be equated as [2.10]:
(2. 19)

(2. 20)

Given information of the braid picks P, outer diameter of dielectric D0 and
number of conductors n (see Figure 2.2.3), the parameters l, α, Dm, hr and b can be
given by [2.10]:
(2. 21)

(2. 22)
(2. 23)
(2. 24)

(2. 25)
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Further modification was proposed by Katakis [2.17], the following equations
(2.26) and (2.27) suggest that Dm is also a function of hr. The equations represent a
non-linear relationship. Thus, a solution is found by using a Newton-Raphson iteration
process.
(2. 26)
where hr can be obtained through:
(2. 27)

ZT can then finally be expressed as:
(2. 28)

2.2.3

Kley Model [2.8]

The Kley model [2.8] is a further development of the characteristics of the transfer
impedance of a braided shield cable. According to Kley, the known approaches, such
as [2.6], [2.7], [2.10] and [2.11], for the calculation of the internal coupling parameters
of single-braided shields are still lacking in comparison with the measured values. The
Kley model is found to be based on analytical approaches by Kaden [2.6], Vance
[2.11], and Tyni [2.10], which plans to eliminate the problem causing the slight
drawback when comparing with measurement values. Similarly, Kley concentrates on
the important insights on the braid inductance of the transfer impedance’s dependence
on the inductive coupling through the apertures of the braid. Implementing the screen
impedance by Vance [2.11] in (2.29), giving:
(2. 29)
It is suggested by Kley that there are two effects which contribute to the coupling
inductance, MT. These two factors comprise of the mutual inductance due to the
apertures allowing for the curvature of the tube (hole inductance), ML; and the mutual
inductance between carriers in the braid (braid inductance), MG.
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(2. 30)
This term is adjusted by Kley, originated from the mutual inductive coupling due
to the apertures in the braid, derived from the magnetic polarizability of the elliptical
aperture in the Vance model [2.11]. Kley approximated this elliptic function in (2.16)
, with an exponential attenuation factor of τH, and also considering the

by

factor of 0.875 due to the curvature of the braid, to give:
(2. 31)

where the attenuation factor is derived as:

(2. 32)

The hole inductance can be related to the braid parameters for circular apertures,
assuming that the proximity effects are ignored and uniform current distribution
assumed.
It is elaborated by Kley that the braid inductance varies with the braid angle α (no
induced voltage if

; and maximal induced voltage if

) [2.8]. From

(2.16), Tyni’s [2.10] braid inductance in (2.19) was validated by the triaxial
configuration measurement in [2.18], to give an approximate formula derived by Kley:
(2. 33)
where
(2. 34)

and F0 represents the minimal fill factor of the braid, derived from (2.16), given by:
(2. 35)
Kley introduced a third inductance in the braid, known as the skin inductance, LS.
As the magnetic field penetrates through the apertures of the braid, it generates eddy
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currents on the surface of the apertures. This effect is taken into account by an ohmicinductive component of the transfer impedance [2.8]. This said inductance includes the
skin effect on the aperture surface, which can be equated as:
(2. 36)
where DL and DG are fictitious diameters that model the corresponding skin effect. The
evaluation of the measurements done by Kley [2.8] yields for DL an approximated
formula given by:
(2. 37)

where the attenuation factor can be equated as:

(2. 38)

and the fictitious parameter DG is approximated by:
(2. 39)
where
(2. 40)

The evaluation of the measurements found by Kley showed that the thickness, dR,
of the equivalent tube is proportional to the wire diameter, d. The said thickness is also
found to be slightly dependent on the braid angle, α. Therefore, from (2.9), the screen
impedance of the tube can be equated as:

(2. 41)
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where dR is defined as:
(2. 42)

Finally, the formula for ZT of a single-braided shield cable is written in its entirety
as:
(2. 43)

2.2.4

Comparison of the Transfer Impedance Models

The predicted transfer impedance as given by Tyni [2.10], Vance [2.11], and Kley
[2.8] models for the standard non-optimized coaxial cable RG-58 with the parameters
as supplied by the manufacturers (RG-58 in Appendix D) are plotted in Figure 2.2.4.
The predicted transfer impedance models are validated via measurements using the
trixial configuration in [2.19]. There is a significant difference between the models but
they are comparable to the typical results shown in Figure 2.2.5 [2.27]. Research done
by Benson et al. [2.14] and Thomas et al. [2.26] both found that Kley model provides
the best accuracy in modelling the transfer impedance of braided shield cables since all
possible aspects of the inductances in the braid were considered. Therefore, the Kley
model forms the basis of modelling the surface transfer impedance for the RG-58
coaxial cable in this thesis.
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Figure 2.2.4: Comparison between predicted and measured transfer impedance, ZT,
using RG-58 parameters

Figure 2.2.5: Transfer Impedances, ZT, of different types of coaxial cables [2.27]
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2.3

Crosstalk
A transmission line is a structure that guides the transmission of energy. This

energy form could be electromagnetic waves or acoustic waves, or other propagating
phenomenon. The components which make up an electrical transmission line include
wires, coaxial cables, dielectric slabs, optical fibres, electric power lines and
waveguides.
Crosstalk is an important aspect of the design for an electromagneticly compatible
product. Electrical signals can be coupled onto a transmission line via different paths.
One of the most common cases is where the transmission line shares a common path
with another transmission line. The crosstalk phenomenon is due to near-field
coupling. A current flowing, which exists in one line, produces an interference signal
on the other line that is in close proximity (induced interference). This interference is
caused by an electromagnetic field surrounding the transmission line and does not
involve a physical connection between the two circuits. Crosstalk refers to the
unintended electromagnetic coupling between wires, traces, trace to wire, electrical
components etc. [2.22]. The crosstalk between two cables can induce signals on the
adjacent cable that may radiate externally to the product, potentially causing the latter
to exceed permitted radiated emission regulatory limits. Due to internal coupling to the
power cord of the product, these coupled signals may also cause the product to fail the
conducted emission regulatory requirements [2.23]. Crosstalk is generally considered
to be a functionality concern to all engineering design by causing electromagnetic and
can be a major contributor to the propagation of EMI.
Schelkunoff and Odarenko [2.32] explain that the crosstalk between any two
transmission lines depends upon the existence of mutual impedances and mutual
admittances between the lines. The two types of crosstalk are introduced in [2.32], ie:
impedance crosstalk and admittance crosstalk. Impedance crosstalk is produced by an
electromotive force in series with the disturbed line in consequence of mutual
impedances between the lines; whereas admittance crosstalk is produced by an
electromotive force in shunt with the disturbed line, induced by virtue of mutual
admittances.
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Given the definition of crosstalk in [2.32], Christopoulos [2.4] describes that
crosstalk subjects to inductive coupling (impedance crosstalk) as well as capacitive
coupling (admittance crosstalk); followed by a basic example shown in Figure 2.3.1.
Capacitive coupling usually results from traces lying close to each other above a
reference plane, where only the electric coupling is considered. This coupling depends
on the distance between traces and the overlapping area. It is particularly evident when
two high impedance circuits are in close proximity to each other, carrying low
frequency signals. As for inductive coupling, it normally appears dominant in low
impedance circuits in close proximity to each other, carrying low frequency signals,
where only the magnetic components of the field is considered [2.4].

Conductor 1

C12

Conductor 2

M12

V1
C1

V2
C2

Ground
Figure 2.3.1: Configuration of a two-conductor transmission line system
Figure 2.3.1 shows a system of two parallel conductors. The potential difference
V1 in conductor 1 with respect to ground will cause an interference signal to appear in
conductor 2, given by:
(2. 44)
where C1 denotes the capacitance of conductor 1 to ground; C2 denotes the capacitance
of conductor 2 to ground; and C12 denotes the mutual capacitance between conductors
1 and 2.
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With addition of a shield around conductor 2, depicted in Figure 2.3.2, capacitive
coupling can be described in the following way. If the shield has no DC connection to
ground, its potential is given by [2.4]:
(2. 45)

where C12S denotes the mutual capacitance between conductor 1 to the shield of
conductor 2 and C2S denotes the capacitance of the shield of conductor 2 to ground.

Conductor 1

C12S

CS

Conductor 2
Shield

M12S

V1
C1

V12S
C2S

Ground
Figure 2.3.2: Shielding effect on conductor 2 [2.4]
Referring to Figure 2.3.2, the voltage induced on conductor 2 when current I1
flows in conductor 1 is given by:
(2. 46)
where M12 denotes the mutual impedance between the two transmission lines.
Inductive coupling is can be described when a magnetic shield is implemented on
conductor 2, shown in Figure 1.2.2, in the following way. The voltage induced on the
shield, V12S, would then be:
(2. 47)
where M12S denotes the mutual inductance between conductor 1 and the shield of
conductor 2.
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However, if the shield is connected to ground, shown in Figure 2.3.3, VS and the
voltage induced on conductor 2 are zero. The initial current I1 driven in conductor 1
given by (2.47) will then induce an additional voltage, VShield, given by:
(2. 48)

Conductor 1

Conductor 2
C12S

CS

Shield

M12S

V1
C1

V2
C2

Ground
Figure 2.3.3: Grounded shield on conductor 2
where M12S denotes the mutual inductance between the shield and conductor 2. If the
geometry of the shield allows no magnetic field to be established within the shield,
then all the magnetic flux induced by IS within the shield is linked to conductor 2.
(2. 49)
where φ denotes the magnetic flux induced in the shield and LS denotes the self
inductance of the shield connected to ground. Assuming that the induced voltage on
conductor 2 can be expressed in the frequency domain using:
(2. 50)
By assuming that the induction due to I2 on conductor 2 can be neglected, the
mutual inductance between conductor 1 and the shield would be:
(2. 51)
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Thus,
(2. 52)

where RS denotes the resistance of the shield. By substituting (2.52) into (2.50), the
total induced voltage on conductor 2 can be simplified to be:

(2. 53)

From (2.53), at low frequencies, where the induced voltage is not affected by the
shield, the induced voltage is given by:

(2. 54)
Whereas at high frequencies, the induced voltage is given by:
(2. 55)

(2. 56)
The calculations in the example described are not valid if the lines become
electrically long as it happens at very high frequencies. If the conductors are not in
close proximity, ie: separated by a larger distance, the coupling is not regarded as
simply capacitive or inductive coupling. At greater separations, energy from the
sources of interference propagates in the form of electromagnetic waves that penetrate
onto the victim line, thus causing EMI, ie: radiated interference. Depending on the
distance between the source and the victim line, the radiated interference is further
subdivided to near-field and far-field radiated interference.
This thesis presents the coupling effects between coaxial cables both in the time
and frequency domain. It describes the development of a shielded cable model suitable
for implementation within a numerical model, based on the Transmission-Line
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Modelling Method (TLM). The model incorporates the appropriate coupling theory for
the analysis of shielded cables, subject to crosstalk and radiated interference (EMI).
Results presented here are concerned with identifying and quantifying factors affecting
electromagnetic coupling through the construction of numerical models and their
validation against measurements.

2.3.1

Coupling between Two Coaxial Cables in Free Space

The circuit topology used for this work is described by Thomas et al. [2.26]. The
typical layout of a general case of near-end coupling between two coaxial lines in
parallel to each other along a common path is shown in Figure 2.3.4.

Figure 2.3.4: A layout of two coaxial cables along a common path in free space
The cables have a constant separation, s, along the length, l, between the
terminations. The nature of the terminations strongly affects the degree of cable
coupling at high frequencies due to the stray reactance they introduce. In this case, the
stray reactance introduced would mostly be inductive since the cables are terminated
by a common brass connector plate at each end, creating an extra current loop.
However, the effect of the terminations can only be estimated due to the geometric
complexity of the terminations and insufficient information. Nevertheless, an
experimental analysis is carried out to define the characteristics of the connector plates
and its approximate inductance (see Chapter 3). The effect of the coupling path due to
transfer admittance, YT, has not been included in this thesis since for a optimized
braided shield cable (RG-58) its effects are deemed to be negligible (see section 2.2.1).
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Figure 2.3.5: The equivalent circuit between two coaxial cables in parallel in free
space [2.26]
The equivalent circuit for the coupling path created by the cable braid’s transfer
impedance is shown in Figure 2.3.5. In these analysis [2.3], [2.35] – [2.41], which will
be the main concern for this investigation, only the source circuit is driven by VS. The
coupling path between the two circuits is described by the current in the source circuit,
IS, inducing a current in the tertiary circuit, It, which in turn induces a current, IV, in the
victim circuit. The tertiary circuit is the conducting path formed by the outer sheath of
the cables and the terminations. The victim current, IV, will then create a voltage
across the terminations of the victim circuit, VV0. This voltage, VV0, is the usual
measurable form of cable coupling. Splitting the three circuits (Source, Tertiary and
Victim Circuits), the currents and voltages can be derived individually as depicted in
Figure 2.3.6.
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Figure 2.3.6: The individual source, tertiary and victim circuits
Based on the analytical solution given by Thomas et al. [2.26], for low
frequencies

, the voltage induced in the adjacent circuit is independent of the

distance along the cable sheath, x. Thus, the equivalent circuit transmission line for
low frequency coupling (Source, Tertiary and Victim) can be illustrated in Figure
2.3.7.
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(a)

(b)

(c)

Figure 2.3.7: Equivalent circuit for low frequency cable coupling for (a) Source (b)
Tertiary (c) Victim circuits
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The current IS, runs along the source circuit, and is given by:
(2. 57)
Assuming that both cables are identical, ZT denotes the coaxial braid transfer
impedance and x is the distance along the cable braid, the voltage gradient, EiS(x),
induced by IS in (2.58) along the braid, with respect to x, can be equated as:
(2. 58)
Since the tertiary circuit is terminated by a brass connector plate at each end, it is
assumed that the connector plates possess finite impedance, which is approximated by
an arbitrary inductive reactance, ZP (see Chapter 3). The induced current It due to the
voltage gradient in (2.59) is then given by:
(2. 59)

Similarly, the voltage gradient, Eit(x), induced by It in (2.47) can be equated by:
(2. 60)
Finally, the induced current IV and voltage VV0 due to the voltage gradient in
(2.61) and (2.62) are respectively given by:
(2. 61)

(2. 62)
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2.3.2

Coupling between Two Coaxial Cables via a Perfect Conducting Ground

Plane
Based on the configuration used in section 2.3.1, the presence of another cable or
a ground plane will enable other current paths to form and reduce the coupling
between two cables [2.41]. The typical layout of a general case of near-end coupling
between two coaxial lines in parallel above a ground plane is shown in Figure 2.3.8.

Figure 2.3.8: A layout of two coaxial cables along a common path above a conducting
ground plane
Similar to the coupling mechanism in section 2.3.1, the source line is driven by
VS, and the coupling path between the two circuits can be observed using the voltage at
the termination across the victim line, VV0. As illustrated in Figure 2.3.8, the two
coaxial lines are terminated by a brass end plate at each end. However, the plates now
provide an extra return current path between the coaxial braids and the third conductor
– ground. The current It in section 2.3.1 has a form of a differential mode as the victim
and source currents are of opposite signs. In the case of an additional metallic ground
plane, the induced tertiary circuit current comprises two modes in the form of
differential and common mode currents. The differential mode current, Itd, represents
the circulating current loop between the two coaxial braids while the common mode
current, Itc, represents the return path of the current loop between the coaxial braids
and the metallic ground plane [2.4]. Therefore, the general equivalent coupling circuit
for the two coaxial cables above a ground plane can be illustrated in Figure 2.3.9.
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Figure 2.3.9: The equivalent circuit between two coaxial cables in the presence of a
third conductor (ground plane)
It is assumed that the brass end plates possess a finite impedance for both the
common and differential modes. It is approximated in section 2.3.1 that the arbitrary
impedance (differential mode) between the coaxial braids is represented by ZP.
Another set of arbitrary impedances (common mode) approximated are Zts and Ztv,
which represent the finite impedance between the coaxial braids and ground plane (see
Chapter 3). If the coaxial lines are identical, assuming that the current and charge is
uniformly distributed around the surface area of the end plates, it can be deduced that:
(2. 63)
Thomas et al. [2.26] derived an analytical solution to determine the degree of
coupling of this system. Differential and common mode currents, Itd and Itc, on the
cable sheaths are equated with respect to the currents on the sheaths of the source and
victim cables, IS and IV; respectively, giving:
(2. 64)
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where [S] represents the modal transformation matrix derived using the multimode
model as described by Naylor and Christopoulos [2.4] and [2.52] (See Chapter 4). For
low frequencies

, the induced common and differential mode currents on the

tertiary circuit cable sheaths are equated with respect to EiSl, derived from (2.46),
giving:
(2. 65)

where LS is the self inductance of the source and victim cable shields; LM is the mutual
inductance between the source and victim cable shields; and [Ztd] is the impedance
matrix of the tertiary circuit terminations as depicted in Figure 2.3.7, in the form of:

(2. 66)

From (2.64), the victim current, IV, can be solved to obtain the induced voltage
across the termination at the victim circuit using (2.62).

2.3.3

Cable Coupling at High Frequencies

For higher frequencies, the voltage per-unit length along the source cable braid
will have a significant variation along the cable length due to propagation effects,
which lead to resonances in the tertiary circuit and a significant increase in the degree
of cable coupling. In this case, the coaxial line currents are no longer uniform and the
high frequency analytical solution proposed by Thomas et al. [2.26] is derived. Based
on Figure 2.3.6, for a general source cable with a series supply resistance, RS, and a
load resistance of RL, the input source current, IS(0), with respect to source voltage, VS,
is given by:

(2. 67)
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where Z denotes the characteristic impedance of the source cable and γS denotes the
propagation constant of the coaxial cable, usually defined as:
(2. 68)

where u is the propagation velocity of the coaxial line, typically defined as two-thirds
of c. Current IS(0) comprises of forward and backward propagating waves, giving:

(2. 69)

where ρS denotes the boundary travelling wave reflection at the supply end, defined as:
(2. 70)
The current along the length of the source cable is then given by:
(2. 71)
where IS+ is derived from (2.67) and (2.70):

(2. 72)
The tertiary circuit involving the coaxial braids and the victim cable will be
equivalent to a segment of transmission lines with a distributed voltage source in
series, illustrated in Figure 2.3.10.
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Ii(x)

Figure 2.3.10: Equivalent circuit of a section ∆x of a transmission line with a
distributed series voltage source Ei(x) [2.26]
The differential equations describing the induced voltage, Vi(x), and current, Ii(x),
on the transmission line with a distributed series voltage source, Ei(x), are derived by
Vance [2.31] and implemented by Thomas et al. [2.26], giving a general solution for
the tertiary circuit to be:
(2. 73)
where
(2. 74)

(2. 75)

where ZC denotes the characteristic impedance of the tertiary circuit and K1 and K2
satisfies the boundary conditions;

and

, to give:
(2. 76)

(2. 77)

where the boundary travelling wave reflection coefficients, ρ1 and ρ2, are given by:
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(2. 78)
Equation (2.73) is first applied to obtain the current of the surface of the coaxial
braids, It, before applying it to obtain the current on the victim line, IV. The induced
voltage across the termination of the victim line, VV0, can then be equated as:

(2. 79)
The cable coupling, C, is often quantified by the ratio of the received victim
voltage to the source voltage, expressed as:
(2. 80)

2.4

Analysis of the Tertiary Circuit Parameters
Both the RG-58 coaxial cables of same length are arranged in parallel to each

other as shown in Figure 2.3.2. Since the current in source circuit is coupled to the
tertiary circuit, which is eventually coupled to the victim circuit, it is crucial to model
the tertiary circuit as realistically as possible. The modelling of the tertiary circuit is
complex since all possible losses in the tertiary circuit can only be predicted through
measurements due to the stray reactance the cables introduce. Assuming that the signal
in the tertiary circuit is in free space, its velocity would be approximately the speed of
light, c:

2.4.1

Per-Unit Length Characteristic Impedance of the Tertiary Circuit

A. Two-Conductor Transmission Line System
The parameters of the parallel conductor lines shown in Figure 2.4.1 may be
easily derived if the conditions are met, where the current and charge distribution on
each conductor’s periphery is uniform. Therefore, the approximate equations are
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clearly true when the separation between the coaxial lines, s, is significantly greater
than the coaxial braid radius, rm (

, for each coaxial line, assuming that both

cables are identical, given by [2.4]:

rm
s

(2. 81)

(2. 82)

Figure 2.4.1: Two-conductor transmission line in free space
For conditions when s is not symmetrically greater than rm, the currents and
charges will not be uniformly distributed around the circumference, exact equations
can be derived in [2.23] to give:
(2. 83)

(2. 84)

(2. 85)

Finally, the characteristic impedance, ZC, of the tertiary circuit can be obtained as:

B. Two-Conductor Transmission Line System via an Infinite, Conducting
Ground Plane
The parameters of a two parallel conductor lines above ground can then be easily
derived from Figure 2.4.2. Due to the metallic ground plane, an image of the two
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conductors is reflected by the metallic ground plane, creating inductive and capacitive
impedance between the real and the image of the conductors. Again, for conditions
when s is significantly greater than rm (

; and assuming that the ground plane is

perfect and infinitely large, the inductance and capacitance per-unit length of the entire
system is derived by [2.4]:

s
1

2
rm
V1

h

V2
D
Ground

Images

Figure 2.4.2: Two-conductor transmission line above ground
(2. 86)
Assuming that both coaxial lines are identical, the capacitance coefficients are:

(2. 87)

(2. 88)
where A can be derived as:

(2. 89)
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Therefore, the inductance matrix in per-unit length is given by:

(2. 90)

2.5

Conclusions
In this chapter, the theoretical knowledge of coaxial cable coupling via the

characterisation of the tertiary circuit is presented. The cable coupling due to transfer
impedance alone is considered as the effect of transfer admittance is negligible for
non-optimised cable braids. A comparison is made between three different techniques
(Tyni, Vance and Kley models) of the coaxial cable, where the best accuracy model by
Kley is chosen. The coupling due to the transfer impedance occurs when the cables are
laid in parallel along a common path. The two configuration investigated in this
chapter were the coupling between two coaxial cables in free space and the coupling
between two coaxial cables over a perfect conducting ground plane. By assuming that
both cables are identical; and the metallic ground plane is perfect and infinitely large,
the tertiary circuit were correspondingly derived in [2.4] for the two configurations
investigated.
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CHAP TE R 3
EXPERIMENTAL MEASUREMENTS
3.1

Introduction to Measurement Facilities and Instruments
The crosstalk experiments presented in this chapter involve measurements in the

frequency domain (FD) and the time domain (TD). The facilities and instruments used
for the FD and TD measurements are shown in Figures 3.1.2 and 3.1.3, respectively.
Experimental verifications are also carried out to estimate the stray reactance of the
brass end plates for both common and differential modes of the tertiary circuit
mentioned in Chapter 2. The instruments for this measurement are shown in Figure
3.1.4. Standard connecting cables (SMA/BNC) are mainly used to provide input and
output connections from one device to another, depicted in Figure 3.1.1.

Figure 3.1.1: Typical SMA/BNC cables used to provide connections

3.1.1

Frequency Domain (FD) Measurement Instruments

Frequency domain measurements were performed with the following instruments
and depicted in Figure 3.1.2:
I

Vector Network Analyser (VNA)
 Series: E8326B
 Frequency Range: 10MHz – 20GHz
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 Input/output Impedance: 50Ω
 Electronic Calibration Module: N4691-60003
II

SMA/BNC Connecting Cables
Two connecting cables of 1m in length are used to connect to the two ports of the

VNA. The cables are calibrated with an electronic calibration module N4691-60003
before conducting the experiment. The FD crosstalk (in dB) is obtained from the
scattering parameter, S21, of the VNA readings.
(a)

(b)

Figure 3.1.2: (a) Vector Network Analyser. (b) Electronic Calibration Module.

3.1.2

Time Domain (TD) Measurement Instruments

Time domain measurements were carried out using the following instruments and
depicted in Figure 3.1.3:
I

Time-Domain Oscilloscope (TDO)
 Series: MSO810A
 Maximum Frequency: 1GHz
 Minimum Voltage Scale: 1mV/div
 Input/output Impedance: 50Ω

II

Broadband Power Amplifier (AMP)
 Series: ENI 604L
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 Maximum Radio Frequency (RF) Input: 13dBm
 Gain (G): 45dB
 Frequency Range: 0.5 – 1000MHz
III Pulse Function Arbitrary Generator (PFAG)
 Series: 81150A
 Maximum Frequency: 120MHz
 Input/output Impedance: 50Ω
IV Attenuator (ATT)
 Attenuation: -30dB
 Frequency Range: 0 – 18GHz
V

SMA/BNC Connecting Cables
Two connecting cables of 2 meters and one connecting cable of 1m in length are

used to connect to the input and output ports of the PFAG, TDO and AMP. The TD
crosstalk (in V) is obtained from the TDO readings.
(a)

(b)

(c)

(d)

Figure 3.1.3: (a) MSO series Time Domain Oscilloscope. (b) ENI series Broadband
Power Amplifier. (c) Pulse Function Arbitrary Generator. (c) Attenuator
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3.1.3

Stray Reactance Measurement in the Brass Plates Instruments

Stray reactance of the brass end plates were measured using the following
instruments and shown in Figure 3.1.4:
I

Time Domain Wide Bandwidth Oscilloscope (TDR)
 Series: DCA 86100B
 Time Domain Reflectometer Module Series Installed: 54754A
 Input/output Impedance: 50Ω

II

SMA/BNC Connecting Cables
One connecting cable of 1m in length is used to connect to the output of the TDR

module. The cable losses are ignored in the measurements.
The stray reactance of the cable is observed through the reflection of the cable’s
scattering properties shown on the TDR screen.

Figure 3.1.4: DCA series Time Domain Wide Bandwidth installed with a Time
Domain Reflectometer Module

3.2

The Crosstalk Measurement Set Up
The crosstalk measurement is carried out throughout using two RG-58 coaxial

cables. The said coaxial cables are both 1.22m in length and clamped with a SMA
bulk head male-connector at each end, shown in Figure 3.2.1. The coaxial cables are
fixed through two brass connector end plates, where each plate has dimensions of
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30cm in width by 30cm in length, which complete the current return path and act as
means of physical support for the cables. The end plates used are made of brass, where
multiple holes are drilled to allow for varying different centre-to-centre separations,
ie: 2cm, 5cm, 10cm and 15cm between the two cables; and varying heights from the
ground plane, ie: 11cm, 16.5cm, 21.5cm and 26.5cm; as illustrated in Figure 3.2.2.

Figure 3.2.1: The two RG-58 coaxial cables with 1.22m in length
(a)

(b)

(c)

Figure 3.2.2: (a) Brass connector end plate. (b) The SMA bulk head connectors
clamped onto the cables. (c) The SMA connectors fixed through the brass end plate.
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3.2.1

Frequency Domain (FD) Measurement

A. Coupling between Two RG-58 Coaxial Cables in Free Space
The measurement arrangement used to obtain the crosstalk between two coaxial
cables in free space is illustrated by Smartt et al. [3.1]. Figure 3.2.3 shows the actual
experimental arrangement of two RG-58 coaxial cables in parallel to each other. The
crosstalk measurements between the two cables are performed in an open laboratory
space on a wooden bench top, clear from all possible external sources. The
arrangement comprises of the source and victim cables terminated with 50Ω loads at
each end. Note that there is no metallic ground plane involved in this experiment.
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(a)

(b)

(c)

(d)

Figure 3.2.3: The arrangement of two RG-58 coaxial cables in free space. (a) Side
view. (b) Plan view. (c) Back view. (d) 50Ω loads.
The VNA is used to provide the signal source and detection. The source cable is
connected to Port 1, where it acts as a transmitter, of the VNA and the victim cable is
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in turn connected to Port 2 of the VNA, where it acts as a receiver. The VNA is set up
to measure the degree of cable coupling or crosstalk, S21, in dB, sweeping over a
frequency range of 10MHz to 1GHz with 1601 sample points. The instrument and test
leads were calibrated with an electronic calibration module N4691-60003. The
measurement set up together with the details of the brass connector end plates are
illustrated in Figure 3.2.4.
(a)

(b)

Figure 3.2.4: (a) Details of the brass connector end plates. (b) The frequency domain
crosstalk measurement set up for two RG-58 coaxial cables in free space.
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Figures 3.2.5 – 3.2.8 show frequency domain measurement results of the coupling
between two RG-58 coaxial cables in free space, with frequencies ranging from
10MHz to 1GHz.
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Figure 3.2.5: FD measurement – Crosstalk between two RG-58 coaxial cables in free
space with separation, s = 2cm
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Figure 3.2.6: FD measurement – Crosstalk between two RG-58 coaxial cables in free
space with separation, s = 5cm
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Figure 3.2.7: FD measurement – Crosstalk between two RG-58 coaxial cables in free
space with separation, s = 10cm
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Figure 3.2.8: FD measurement – Crosstalk between two RG-58 coaxial cables in free
space with separation, s = 15cm
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B. Coupling between Two RG-58 Coaxial Cables via a Metallic Ground
Plane
The measurement arrangement used to obtain the crosstalk between two coaxial
cables via a metallic ground plane is illustrated by Badr et al. [3.1] and [2.41]. Figure
3.2.9 shows the actual experimental arrangement of two RG-58 coaxial cables in
parallel to each other over an aluminium ground sheet of dimensions 0.5m in width by
2m in length, which the brass connector end plates are placed on. The crosstalk
measurements between the two cables are performed on the floor of an open
laboratory space. The arrangement comprises of the source and victim cables
terminated with 50Ω loads at each end. Note that this experiment involves a metallic
ground plane.
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(a)

(b)

(c)

(d)

Figure 3.2.9: The arrangement of two RG-58 coaxial cables above an aluminium
ground plane. (a) Side view. (b) Plan view. (c) Back view. (d) Brass end plate placed
on the aluminium ground plane.
Similar to section 3.2.1A, Port 1 of the VNA is connected to the source cable
while Port 2 is connected to the victim cable. The measurement set up is illustrated in
Figure 3.2.10.
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Figure 3.2.10: The frequency domain crosstalk measurement set up for two RG-58
coaxial cables over an aluminium ground plane
With frequencies ranging from 10MHz to 1GHz and keeping the height of the
cables from the ground plane, h, constant at 11.5cm; Figures 3.2.11 – 3.2.14 show
frequency domain measurement results for varying separations between the cables, s,
(2, 5, 10 and 15cm). In conjunction, by keeping the separation, s, constant at 5cm,
Figures 3.2.15 – 3.2.17 show frequency domain measurement results by varying h
(16.5, 21.5 and 26.5cm).
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Figure 3.2.11: FD measurement – Crosstalk between two RG-58 coaxial cables in
free space with separation, s = 2cm and height, h = 11.5cm
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Figure 3.2.12: FD measurement – Crosstalk between two RG-58 coaxial cables in
free space with separation, s = 5cm and height, h = 11.5cm
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Figure 3.2.13: FD measurement – Crosstalk between two RG-58 coaxial cables in
free space with separation, s = 10cm and height, h = 11.5cm
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Figure 3.2.14: FD measurement – Crosstalk between two RG-58 coaxial cables in
free space with separation, s = 15cm and height, h = 11.5cm
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Figure 3.2.15: FD measurement – Crosstalk between two RG-58 coaxial cables in
free space with separation, s = 5cm and height, h = 16.5cm
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Figure 3.2.16: FD measurement – Crosstalk between two RG-58 coaxial cables in
free space with separation, s = 5cm and height, h = 21.5cm
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Figure 3.2.17: FD measurement – Crosstalk between two RG-58 coaxial cables in
free space with separation, s = 5cm and height, h = 26.5cm

3.2.2

Time Domain (TD) Measurement

A. Coupling between Two RG-58 Coaxial Cables in Free Space
The experimental environment and measurement tools remained the same as the
FD measurements carried out in section 3.2.1, the same configuration from Figure
3.2.4 is used to obtain the time domain crosstalk measurement results for the coupling
of two RG-58 coaxial cables in free space. The objective is to further validate the
accuracy of the time domain numerical model. However, the VNA is replaced by a
PFAG instead, where it functions to generate a signal source to one of the RG-58
coaxial cables. A square wave source signal has been investigated, where the
significance of the broadband frequency (square) waveforms can be observed (see
Chapter 5). Since the crosstalk signal is relatively small, the AMP is used to amplify
the source signal to a desired amplitude, which allows the output to then be observed
from the adjacent cable on the same end using the TDO. The corresponding
measurement set up is depicted as a flow diagram in Figure 3.2.18 and illustrated in
Figure 3.2.19.
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Crosstalk
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Signal Input
from PFAG

Output
Observed
at TDO

AMP
Figure 3.2.18: Flow diagram of the time domain crosstalk system

Figure 3.2.19: The time domain crosstalk measurement set up for two RG-58 coaxial
cables in free space
Note that the distance between the two connecting cables (BNC/SMA cables)
leading from the RG-58 coaxial cables to the test equipments must be significantly
larger than the separation s to prevent unwanted crosstalk interference. The first 2
peak resonant frequencies were observed to be at approximately 118MHz and
233MHz; as depicted in section 3.2.1A. With fundamental frequencies, 39.33MHz and
46.67MHz, fed into the amplified square wave in Figure 3.2.18, Figures 3.2.20 –
3.2.22 present their corresponding time domain measurement results for separations, s
(2, 5 and 10cm), respectively.
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Figure 3.2.20: TD measurement – Crosstalk of two RG-58 coaxial cables in free space
for a separation, s = 2cm, and input of fundamental frequency (a) 39.33MHz. (b)
46.67MHz.
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Figure 3.2.21: TD measurement – Crosstalk of two RG-58 coaxial cables in free space
for a separation, s = 5cm, and input of fundamental frequency (a) 39.33MHz. (b)
46.67MHz.

70

Experimental Measurements

2

x 10

-3

Measurement (s=10cm; f0=39.33MHz)

Voltage / V

1

0

-1

-2
0

0.1

0.2

0.3

0.4

0.5
0.6
Time / s

0.7

0.8

0.9

1

x 10

-7

Figure 3.2.22: TD measurement – Crosstalk of two RG-58 coaxial cables in free space
for a separation, s = 10cm, and input of fundamental frequency 39.33MHz.
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B. Coupling between Two RG-58 Coaxial Cables via a Metallic Ground
Plane
Similarly, the TD measurement set up for the coupling of two RG-58 coaxial
cables via a ground plane follows the same configuration from Figure 3.2.6. Using the
experimental instruments and flow diagram illustrated in section 3.2.2A, the
corresponding measurement set up can be illustrated in Figure 3.2.23.

Figure 3.2.23: The time domain crosstalk measurement set up for two RG-58 coaxial
cables over an aluminium ground plane
With an extra ground plane, this measurement set up applies the necessary
conditions in section 3.2.2A. The first 2 peak resonant frequencies were observed to
be at approximately 118MHz and 235MHz; as depicted in section 3.2.1B. With
fundamental frequencies, 38.4MHz and 46.1MHz, fed into the amplified square wave;
keeping the height, h, constant at 11.5cm, Figures 3.2.24 – 3.2.26 present time domain
measurement results for various separations, s (2, 5 and 10cm); whereas Figures
3.2.27 and 3.2.28 present time domain measurement results for various h (16.5cm and
26.5cm) while keeping s constant at 5cm.
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Figure 3.2.24: TD measurement – Crosstalk of two RG-58 coaxial cables via ground
plane for separation, s = 2cm and height, h = 11.5cm; and input of fundamental
frequency (a) 38.4MHz. (b) 46.1MHz.
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Figure 3.2.25: TD measurement – Crosstalk of two RG-58 coaxial cables via ground
plane for separation, s = 5cm and height, h = 11.5cm; and input of fundamental
frequency (a) 38.4MHz. (b) 46.1MHz.
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Figure 3.2.26: TD measurement – Crosstalk of two RG-58 coaxial cables via ground
plane for separation, s = 10cm and height, h = 11.5cm; and input of fundamental
frequency (a) 38.4MHz. (b) 46.1MHz.
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Figure 3.2.27: TD measurement – Crosstalk of two RG-58 coaxial cables via ground
plane for separation, s = 5cm and height, h = 16.5cm; and input of fundamental
frequency (a) 38.4MHz. (b) 46.1MHz.
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Figure 3.2.28: TD measurement – Crosstalk of two RG-58 coaxial cables via ground
plane for separation, s = 5cm and height, h = 26.5cm; and input of fundamental
frequency (a) 38.4MHz. (b) 46.1MHz.
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C. Non-Linearity of the Broadband Power Amplifier
Throughout the experiment, it has been discovered that the ENI 604L broadband
power amplifier does not provide a linear gain of 45dB. This effect can be observed
through the change in the input signal after amplifying the signal through the
amplifier, illustrated in Figure 3.2.29.

Signal Input
from PFAG

VIN

Crosstalk
System

V’IN

VOUT

Output
Observed
at TDO

AMP
Figure 3.2.29: Flow diagram showing the non-linearity effect of the broadband power
amplifier
where VIN represents the signal source input from the PFAG and V’IN represents the
signal input distortion after passing through the amplifier; and VOUT represents the
signal output on the TDO.
For an example, suppose a 64mV peak voltage square wave of fundamental
frequency 46.67MHz serves as an input signal from the PFAG, the signal is amplified
through the AMP with a gain of approximately 45dB. However, to prevent the TDO
from being damaged, the ATT of -30dB is connected to the output port of the AMP
after signal amplification to attenuate the input signal. The flow diagram can be
illustrated in Figure 3.2.30.
+45dB
Signal Input
from PFAG

-30dB

VIN

V’IN
ATT

AMP

Change in
Input Signal
Observed at
TDO

Figure 3.2.30: An addition of an attenuator to observe the change in the input signal
after amplification
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Figure 3.2.31(a) shows the original input signal directly from the PFAG with a
square wave of mean voltage peak at 64mV, VIN, while Figure 3.2.31(b) shows the
distorted square wave after amplification with a voltage gain of 15dB, V’IN.
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Figure 3.2.31: Comparison between the square waves input signal (a) VIN. (b) V’IN.
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3.3

External Impedance at the Brass Connector End Plates
As presented in Chapter 2, both the source and victim circuits are the inner

conductors and loads of the RG-58 coaxial cables while the tertiary circuit is an
equivalent circuit between the braids, where it is terminated by a finite impedance due
to the stray reactance the brass plates introduce. Brass is an alloy, made of copper and
zinc, which serves as a good current carrying conductor and possess similar
permittivity value with copper.
Significant research has been done to measure and predict the crosstalk between
two coaxial cables [3.3] – [3.22]. However, not much has been mentioned and
explained about the terminations of the tertiary circuit, despite their significant effect
on the degree of cable coupling. In most cases, the tertiary circuit is assumed to be
connected together by either an arbitrary impedance or a short circuit at each end
[3.3], [3.6], [3.7], [3.15], [3.16] and [3.19] – [3.22]. Therefore, in order to accurately
model a more realistic cable coupling system, measurements are carried out to
estimate the inductance associated with the termination, both for the differential and
common mode tertiary circuit. The TDR module is used to detect reflections and
calculation of the characteristic impedance of the cables as well as detecting the
termination reflection and estimating the reactance due to discontinuities in the
system, as a function of cable length [3.23].

3.3.1

Experimental Set Up to Measure the Excess Reactance in the Brass End

Plates
Since the tertiary circuit of the cable coupling system is formed from the outer
braids of the two coaxial cables, the measurement set up is done by only connecting
the outer braids of the coaxial cables to the brass end plates. This is done by cutting
the inner conductor of one of the coaxial cables with the outer braid still intact. The
outer braid is then soldered to a SMA connector centre pin using a copper wire since
the inner conductor of a RG-58 coaxial cable is of copper material. This is shown in
Figure 3.3.1. The return is then the outer braid of the victim cable or the ground plane.
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RG-58
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Figure 3.3.1: Connection of the RG-58 coaxial cable’s outer braid to the SMA
connector through a copper wire
The reflections in the braids of the coaxial cables together with the approximation
value of excess reactance are provided by the TDR module. Theoretically, a larger
current loop yields larger characteristic reactance within the loop. This phenomenon
causes a slight shift in the peaks of the crosstalk at resonant frequencies. Therefore,
the separation between the cables, s, is varied to obtain its respective differential mode
inductive reactance; while the height of the cable above ground, h, is varied to obtain
its respective common mode inductive reactance. Figure 3.3.2 shows the direction of
the tertiary current, It, in its differential and common modes, through the brass end
plates.
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(a)

(b)

Figure 3.3.2: Direction of the tertiary current, It. (a) Differential mode. (b) Common
mode.

A. Differential Mode
The experimental set up for the differential mode excess inductance measurement
is illustrated in Figure 3.3.3. In this experiment, two RG-58 coaxial cables are used.
The length of the cables, l, used is 2m long and the separation of the two cables, s, is
varied. The cables are connected to the brass end plates and one of them is connected
to the TDR module. The excess reactance measured by the TDR module represents
the differential mode complex impedance, ZP, in the brass plates.
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Figure 3.3.3: Differential mode measurement set up to measure the excess reactance
in the brass end plates

B. Common Mode
The experimental set up for the common mode excess inductance measurement is
illustrated in Figure 3.3.4. In this experiment, one RG-58 coaxial cable is used. The
length of the cable, l, used is 2m long and the height between the cable and the ground
plane, h, is varied. The cable is connected to the brass end plates and to the TDR
module. The excess reactance measured by the TDR module represents the common
mode complex impedance, Zts and Ztv, in the brass plates.
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Figure 3.3.4: Common mode measurement set up to measure the excess reactance in
the brass end plates

3.3.2

Results

The results obtained show many reflections on the screen of the TDR module and
is rather complicated. This is expected since the configurations actually form the
tertiary circuit itself. Using the same connecting cables for all configurations, the
connecting cable’s length is given by the region of the TDR plot showing its
characteristic impedance, 50Ω. As defined in section 2.4.1 in Chapter 2, the
characteristic impedance of each configuration is dependent on the height and
separation between the cables. A pulse signal is transmitted from the TDR Module
and is reflected back via the braid of the coaxial cables. The excess reactance in the
brass end plates can be estimated from the spike of the reflection at the 50Ω load end
of the cable.
Since the brass end plates are assumed to be identical, the excess reactance
measured at the far end of the brass plate is assumed to be similar to the near end brass
plate. The TDR module includes a built in “excess reactance” feature where the
parameter values can be extracted directly from the screen using markers. It models
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the transmission line as a uniform transmission line having a single discontinuity,
either a lumped inductor or lumped capacitor [3.23]. The position of the markers will
define the region of discontinuity (at the terminations) where the capacitance or
inductance will be extracted and the value can be determined. Since there are a lot of
reflections, the excess reactance value presented on the screen varies. Hence, it is
recommended that an average or approximate value is noted in order to implement this
excess reactance in the numerical model.

A. Differential Mode
Figures 3.3.5 to 3.3.8 show the differential mode reflection of the cables in the
tertiary circuit (see Figure 3.3.2a), with markers indicating the separation between the
cables and its excess reactance in the brass plates for separations 2cm, 5cm, 10cm and
15cm.

Connecting Cables
from the TDR
Module to the RG-58
coaxial cable

Differential
mode
Impedance

Discontinuity at
far end of the
RG-58 coaxial
cable

Discontinuity at
near end of the
RG-58 coaxial
cable

50Ω

Figure 3.3.5: The reflection of the tertiary circuit shown on the TDR module; distance
between markers indicating a 2cm separation and an excess inductance of
approximately 0.6nH in the brass plate, between the cables
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Figure 3.3.6: The reflection of the tertiary circuit shown on the TDR module; distance
between markers indicating a 5cm separation and an excess inductance of
approximately 0.65nH in the brass plate, between the cables

Figure 3.3.7: The reflection of the tertiary circuit shown on the TDR module; distance
between markers indicating a 10cm separation and an excess inductance of
approximately 1.5nH in the brass plate, between the cables
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Figure 3.3.8: The reflection of the tertiary circuit shown on the TDR module; distance
between markers indicating a 15cm separation and an excess inductance of
approximately 5nH in the brass plate, between the cables
The relationship between the differential mode excess inductance, LP, and the
separation between the two RG-58 coaxial cables, s, is depicted in Figure 3.3.9 (see
Chapter 2, section 2.3.1 for system configuration).
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Figure 3.3.9: Graph showing the relationship between differential mode excess
inductance, LP, and the separation between the RG-58 coaxial cables, s
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B. Common Mode
Figures 3.3.10 to 3.3.13 show the common mode reflection of the cables in the
tertiary circuit (see Figure 3.3.2b), with markers indicating the height of the cables
over the metallic ground plane and its excess reactance in the brass plates for heights
11.5cm, 16.5cm, 21.5cm and 26.5cm.

50Ω
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Figure 3.3.10: The reflection of the tertiary circuit shown on the TDR module;
distance between markers indicating a 11.5cm height and an excess inductance of
approximately 1.2nH in the brass plate, over a metallic ground plane
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Figure 3.3.11: The reflection of the tertiary circuit shown on the TDR module;
distance between markers indicating a 16.5cm height and an excess inductance of
approximately 2.2nH in the brass plate, over a metallic ground plane

Figure 3.3.12: The reflection of the tertiary circuit shown on the TDR module;
distance between markers indicating a 21.5cm height and an excess inductance of
approximately 3.6nH in the brass plate, over a metallic ground plane
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Figure 3.3.13: The reflection of the tertiary circuit shown on the TDR module;
distance between markers indicating a 26.5cm height and an excess inductance of
approximately 7.7nH in the brass plate, over a metallic ground plane
The relationship between the common mode excess inductance, Lts, and the height
of the RG-58 coaxial cable, h, above a metallic ground plane is depicted in Figure
3.3.14 (see Chapter 2, section 2.3.2 for system configuration).
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Figure 3.3.14: Graph showing the relationship between common mode excess
inductance, Lts, and the height of the RG-58 coaxial cable above a metallic ground
plane, h
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Since the excess inductances are successfully obtained from the TDR module, it is
subsequently implemented into the numerical model presented in Chapter 4. Instead of
using an arbitrary impedance values, the excess inductances extracted from the TDR
module provide a more accurate tertiary circuit termination of the system for each
case.

3.4

Conclusions
The crosstalk experiment together with the measurement configurations are

introduced and presented. The configuration involves coupling measurements between
two RG-58 coaxial cables in free space and over a metallic ground plane; with results
obtained in both the time and frequency domains. Various measurement results were
taken by varying the separation between the two cables and the height between the
cables and the metallic ground plane. The external impedance of the connector plates
are also measured using a Time Domain Reflectometer (TDR) to obtain an
approximation of the tertiary circuit termination’s stray inductance, as presented in
Chapter 2. Measurements were taken for both modes; the differential mode, formed by
the external surfaces of the two cable braids as well as the connector plates; and the
common mode, formed by the return path between the cable braid and the metallic
ground plane.
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CHAP TE R 4
NU ME RI C A L M OD E LL I NG
The solution of electromagnetic problems can be found using two distinctive
methods; analytical or numerical approach. Although the analytical method provides
the most accurate solutions to most EMC problems, its application is limited to a
selection of simple cases. In order to formulate solutions in most practical situations
iterative numerical modelling is used. Thus, this leads to the development of
computational electromagnetics, applied to a wide variety of practical EMC solutions
[4.1] and [4.2].
In a general case, the constitutive analytical equations and boundary conditions
significantly complicate both the formulation and solution of electromagnetic
problems. It becomes more complicated when the medium is inhomogeneous and
time-varying [4.5]. For example, the propagation of electromagnetic signals in
dielectrics and semiconductor structures, such as interconnects. The solution of such
EMC problems demands efficient time-domain numerical techniques.
Numerical modelling is concerned with the representation of physical systems by
specific quantities which are obtained by numerical methods [4.4]. For
electromagnetic systems, it is generally required to obtain the electric and magnetic
field within a volume of space, subject to specified boundary conditions. The
investigation of these physical systems in time-varying media have led to the
requirements of accurate, reliable and powerful computational tools in order to
analyse the electromagnetic wave’s propagation, providing an insight into the
interaction of both electric and magnetic fields with the physical properties of the
specified space volume.
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4.1

Time-Domain Numerical Techniques
Maxwell’s equations are related to time and spatial variation of electromagnetic

fields, but self-consistent only to electromagnetic fields in an infinite medium [4.6].
With modifications done by Maxwell to Gauss’, Ampere and Faraday’s laws [4.6] and
with the assumption that the equations only depend on free charges and currents in
their differential forms are given by:
 Gauss’ law for electricity:
(4. 1)
 Gauss’ law for magnetism:
(4. 2)
 Faraday’s law of induction:
(4. 3)
 Ampere’s law:
(4. 4)
Numerical methods can be used to approximate solutions for Maxwell’s equations
to a required good accuracy. The most commonly used time-domain numerical
techniques include the Finite Difference Time Domain Method (FDTD) [4.2] and the
Transmission Line Modelling Method (TLM) [4.1]. These methods are considered to
be flexible and applicable to a wide range of EMC applications with a possible
preference for a particular method being dependent on the structure under
consideration. However, the studies require a fine mesh and for large dimensions these
iterative numerical modelling techniques would be limited by the cost of long
computational times and expensive memory requirements.
In this chapter, numerical solutions based on the TLM method for the description
of the coupling degree between two coaxial cables are presented. Using 1Dimensional TLM method, the system is modelled based on structures and factors
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measured experimentally, resulting in a practical numerical solution in predicting the
crosstalk of the system, as described in Chapters 2 and 3.

4.2

One-Dimensional Transmission Line Modelling
The theory of modelling a transmission line is overviewed to present the idea of

interaction of the propagation of a signal in a basic transmission line, modelling
procedure and computation for the one-dimensional case. The method of the basic
one-dimensional TLM model is developed and described in great detail by
Christopoulos [4.1]. This theory forms the basis of the following algorithm used
within this thesis.
The TLM method is a numerical differential time domain technique which
employs a network of discrete transmission lines connected at scattering junctions in
order to simulate the behaviour of a distributed system [4.7]. This is based on the
analogy between the field quantities and lumped circuit equivalents, where the
transmission line is discretized into mesh of segments, connected by nodes [4.1]. The
field, represented by wave pulses are scattered in the nodes and propagate in the
transmission lines, generating incident and reflected voltages. The TLM method can
be logically implemented in four stages, which consists of the initial problem
definition and housekeeping tasks, followed by the calculation of voltages and
currents through a repetitive iteration of scattering and connection [4.1]. Initialization
defines the sources and initial incident voltage wave values; scattering determines the
reflected voltage waves at all nodes and connection exchanges the voltage pulses
between adjacent nodes.
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A simple transmission line network is shown in Figure 4.2.1.

R
R
G

G

Figure 4.2.1: A simple section of transmission line network [4.1]
Figure 4.2.1 gives the equivalent circuit of a section of a transmission line
network system where L is the series inductance per-unit length; C as the shunt
capacitance per-unit length and R as the series resistance per-unit length; and G is
shunt conductance per-unit-length. For a lossless line the equivalent reduces to that
given in Figure 4.2.2 with a fundamental line segment given in Figure 4.2.3.

Figure 4.2.2: A simple lossless transmission line network
L

C

∆x
Figure 4.2.3: A basic line segment
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The basic line segment in the transmission line can be produced with a TLM
equivalent as shown in Figure 4.2.4, with L and C replaced with a link line of
impedance, Z, where

(4. 5)

and the propagation velocity along a line section is:
(4. 6)

Z

Figure 4.2.4: The TLM model of the basic line segment [4.1]
Let each section be of length ∆x such that the propagation time along the section
is:
(4. 7)
The simulation of the voltages and currents can then be achieved by representing
them as propagating waves or voltage pulses in each section as shown in Figure 4.2.5.
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An illustration of part of the transmission line with several nodes taken into
consideration is as shown in Figure 4.2.5.

kVLn

n-1

kVLn-1

i

kVLn-1

r

kVRn-1

i

i
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n

i

kVRn-1

kVn

r

kVLn

r

i
kVLn+1

i
kVRn+1

r

kVRn+1

kVLn+1

kVRn

n+1

r

r

Figure 4.2.5: Four segments of nodes in a transmission line network
For time-step k, there are voltage pulses going in from the right and left of each of
the node known as the incident voltages while the reflected voltage pulses are going
out from the right and left of each of the node. For example, in Figure 4.2.5, taking
node n as a reference, kVLni (left) and kVRni (right) are the incident voltages going into
the termination, node n. kVLnr (left) and kVRnr (right) are reflected voltages going out
from the termination, node n. The Thevenin equivalent circuit for one node can be
illustrated in Figure 4.2.6.
kIn

+
2kVLn

+

i

2kVRni
kVn

kVLn

Z

kVRn

Z

Figure 4.2.6: The Thevenin Equivalent of a node, n, in a transmission line
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Solving the Thevenin Equivalent circuit as illustrated in Figure 4.2.7 above, for
each node, the following equation is obtained for the voltages and currents [4.8].
(4. 8)
Similarly, the current of the node is given by:
(4. 9)

By observing Figure 4.2.6, the reflected voltages into the lines on the left and on
the right can be equated where:
(4. 10)
(4. 11)
The equations (4.10) and (4.11) provide the scattering properties in a transmission
line. With the knowledge of the incident voltages known at the first time-step, k, from
the initial conditions of the equations, the incident voltages at the next consecutive
time-step, which is k+1, can be obtained. The scattered pulses are then transmitted (or
connected) to the adjacent nodes for the next time step using:
(4. 12)
(4. 13)
The general principles employed to find the conditions of each of the nodes on the
transmission line, as explained above using node, n, as the reference node, can also be
applied to find the source node, n = 1; and the load node, n = NT, with some small
modifications.
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The equivalent circuit for the source node, n = 1, is illustrated in Figure 4.2.7.

+
2kVR1i

VS
kV1

RS

kVR1

Z

Figure 4.2.7: The Thevenin Equivalent circuit of a source node, n = 1
From the Thevenin Equivalent circuit presented in Figure 4.2.7, by applying the
same principles discussed above, it can be readily shown that:

(4. 14)

For the scattering property of the source node, by applying similar principles, it
can be readily shown that:
(4. 15)
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The equivalent circuit for the load node, n = NT, is illustrated in Figure 4.2.8.

+
2kVLNTi
kVNT

kVLNT

RL

Z

Figure 4.2.8: The Thevenin Equivalent circuit of a load node, n = NT
Similarly, from the Thevenin Equivalent circuit in Figure 4.2.8, by applying the same
principles, it is given that:

(4. 16)

For the scattering property of the load node, by applying similar principles, it is
given that:
(4. 17)

4.2.1

Time Synchronisation

For the problem of cable coupling described in Chapter 2, the source, tertiary and
victim circuits are modelled individually using the 1-D TLM method. For ease of
computation it is necessary for the time and space steps to be the same for all circuits
in the transmission lines. The tertiary circuit insulation is mostly air in contrast to both
the source and victim coaxial lines which have polymer insulation. The propagating
velocities in both the source and victim circuits will then be different to the tertiary
circuit. A method is required to synchronise the time steps used for modelling each of
the circuit since the space step, ∆x, is fixed. By introducing a transmission line stub in
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the source and victim lines to increase the capacitance per-unit length, it causes the
total wave travelling along the mesh to travel at a velocity lower than that of the
individual transmission lines. The amount of dispersion introduced by the
transmission stub is calculated using the method presented by Naylor et al. [4.9].
Since the source circuit and the victim circuit both have a slower propagation speed
due to the dielectric permittivity of the polymer insulation, a stub capacitance is
implemented in each node of the source and victim circuit transmission lines in order
to synchronise the propagation speed in all three circuits as shown in Figure 4.2.9. The
propagation speed of both the source and victim lines can be calculated as:
(4. 18)

(a)
Ld

Cd

∆x
(b)
Ld

Cd
Cstub

∆x
Figure 4.2.9: Addition of a transmission line stub to reduce the propagation velocity
of signal. (a) Transmission line. (b) Adjusted transmission line with a stub
capacitance.
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The propagation velocity of a transmission line in free space is:
(4. 19)

The propagation velocity of a transmission line with stub capacitance can in turn
be given as:

(4. 20)

The difference between the total capacitance (a) and the characteristic capacitance
per unit length (b) is the value of the capacitance of the additional transmission line
stub, which is given by:
(4. 21)
Therefore, since the value of εr and c are known and u(b) can be calculated from
(4.20), then the values of Ld and Ct can be found, giving the value Cstub in (4.21).
Therefore, the new characteristic impedance can be calculated as:

(4. 22)

Applying the above method with the TLM concept, the incident and scattering
properties are calculated by constructing its Thevenin equivalent circuit shown in
Figure 4.2.10:
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2kVstubi

Zstub

+
+
2kVLni

+
+
2kVRni

Z

Z

Figure 4.2.10: The Thevenin equivalent circuit of the implementation of a stub
capacitance in the source and victim lines
where the stub impedance Zstub is formulated as:
(4. 23)
The total voltage can then be calculated as:

(4. 24)

The scattering properties would then be:
(4. 25)
(4. 26)
(4. 27)

4.2.2

Numerical Modelling of the Surface Transfer Impedance

As presented in Chapter 2, the transfer impedance of the coaxial lines braid is
modelled using the Kley model [2.8]. The coupling path from one circuit to another is
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numerically modelled through the frequency dependent models of the transfer
impedance. Typically, the coupling path of the coaxial cables is driven by the source
circuit, leading to an additional source voltage in the tertiary and victim circuits in
each node, which also applies for the transition between tertiary to the victim circuit.
Current driven voltage source model is depicted in Figure 4.2.11, for which the
absolute value of the braid’s transfer impedance, ZT, is used to describe the coupling
path driven by the source circuit with current, IS.
IS |ZT|
+

Figure 4.2.11: Single frequency model
Two different broadband frequency models are considered to validate the
modelling of the transfer impedance, ZT: stub inductance model and digital filter. This
then describes the coupling path between the source circuit and tertiary circuit and the
coupling path between the tertiary circuit and the victim circuit, where the value of ZT
is frequency dependent.

A. Stub Inductance Model
Adapted from Christopoulos [4.1], a stub inductor is used to describe ZT, where it
is designed to be frequency dependent in TLM methods. The stub representing the
inductance of the braid’s transfer impedance, LT, is terminated by a short circuit.
From Figure 4.2.11, ZT is described as an L-R circuit with a source current
flowing, IS, giving:
(4. 28)
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Figure 4.2.12 illustrates how the stub inductance is introduced.
RT

LT

IS

IS

RT
ZZT

IS

VL
+
2VTi

ZZT

RT

VT
Figure 4.2.12: Implementing a stub inductance to the transfer impedance
where RT and LT are defined from (4.28) as:
(4. 29)
(4. 30)
where ZR, ML, MG and LS are as described by the Kley model in Chapter 2, section
2.2.3.
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The voltages from Figure 4.2.12 are calculated as follows:
(4. 31)
(4. 32)
where ZZT is given by:
(4. 33)
The scattering property is obtained as follows:
(4. 34)
The incident voltage at the next time-step is then:
(4. 35)
where VT is then the source voltage for the victim circuit node.

B. Digital Filter Model
The digital filter is another technique of modelling the broadband frequency of
the coaxial braid’s transfer impedance. Similar to the stub inductance technique
developed by Christopoulos [4.1], the digital filter operates by using the bilinear ztransform method. The bilinear transform is a first-order approximation of the natural
algorithm function that is an exact mapping of the z-plane to the s-plane. When
Laplace transform is performed on a discrete-time signal, with each element of the
discrete-time sequence attached to a correspondingly delayed unit impulse, the result
is precisely the z-transform of the discrete-time sequence with a substitution of [4.12]:

(4. 36)
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where ∆t is the numerical integration of the time step size of the trapezoidal rule used
in the bilinear transform derivation. Therefore, in the s-plane, the approximation for
the bilinear transform can be given as:
(4. 37)

The implementation of the digital filtering technique for the braid’s transfer
impedance can be derived in equations (4.38) – (4.40).
VT
LT

RT

IS
Figure 4.2.13: Coaxial braid’s transfer impedance, ZT, with a source current, IS
From Figure 4.2.13:
(4. 38)
where s is described in (4.37), thus, giving:
(4. 39)

After further simplifying (4.40), the final equation to calculate VT is given by:
(4. 40)
where z-1 denotes a delay in time step or previous time step.
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4.3

Numerical Model of Two Coaxial Cables in Free Space
The case of crosstalk between two coaxial cables in free space is explained in

Chapter 2. Numerically, the coupling modelled by the transfer impedance of the
coaxial braid in both the tertiary and victim circuits create a source voltage, VT, as
illustrated in Figures 4.3.1 and 4.3.2, respectively. L and R indicate the line to the left
and right respectively, at node n, at time step k.
VT
+

kItn

+
2kVLn

+

i

2kVRni
kVn

kVLn

kVRn

ZC

ZC

Figure 4.3.1: A node in the tertiary circuit where the coupling path is modelled by the
braid’s transfer impedance, VT
Solving its Thevenin equivalent, the total voltage of the node of the victim circuit
is given by:

(4. 41)

The reflected voltages would then be given by:
(4. 42)
(4. 43)
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VT
+

+

kIVn

+

+
2kVstubi

2kVLni

2kVRni

kVLn

kVRn

Zstub

Z

Z

Figure 4.3.2: A node in the victim circuit where the coupling path is modelled by the
braid’s transfer impedance, VT
Similarly, solving its Thevenin equivalent of the tertiary circuit, the total voltage
of the node is given by:

(4. 44)

The reflected voltages would then be given by:
(4. 45)
(4. 46)
(4. 47)
Subsequently, the victim circuit current, IV, obtained is used to calculate the
coupling degree of the two coaxial cables, giving (from Chapter 2):
(4. 48)
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The flow chart of the simulation procedure is presented in Figure 4.3.3:

Simulation of Source
Circuit, obtain
voltage and current
of each node.

Simulation of
Tertiary Circuit,
obtain voltage and
current of each node

Simulation of Victim
Circuit, obtain
voltage and current
of each node

Calculation of
voltage at the
termination of the
Victim Circuit

Figure 4.3.3: A flow chart showing the simulation procedure of the numerical
approach.
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4.3.1

Comparison between the Digital Filter and Stub Inductance Model of the

Surface Transfer Impedance
Simulation was performed using the 1D TLM model developed on the crosstalk
of two RG-58 coaxial cables in free space. The cell dimension, ∆x, was chosen to be
0.01m. The cables are both 1.22m long and divided into 122 segments. The inner
conductor of the source circuit is excited by a Gaussian voltage, VS, in series with a
50Ω resistance. The inner conductors of the source and victim circuits are terminated
with a 50Ω resistance. The voltage at the victim circuit, VV0, is obtained. Hence, the
crosstalk between the two cables, S21, can be calculated from:

(4. 49)

where the accent ~ denotes Fourier Transformed quantities.
The numerical model was simulated for 16384 time-steps. Figures 4.3.4 – 4.3.7
present the crosstalk comparison of the two modelling techniques incorporating only
the surface transfer impedance – Digital Filter Model and Stub Inductance Model. It is
shown that both the digital filter and stub impedance models match exactly with each
other.
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Figure 4.3.4: The crosstalk comparison of two modelling techniques of the surface
transfer impedance for a separation, s = 2cm
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Figure 4.3.5: The crosstalk comparison of two modelling techniques of the surface
transfer impedance for a separation, s = 5cm
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Figure 4.3.6: The crosstalk comparison of two modelling techniques of the surface
transfer impedance for a separation, s = 10cm
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Figure 4.3.7: The crosstalk comparison of two modelling techniques of the surface
transfer impedance for a separation, s = 15cm
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4.4

The Multimode Model
The principles of propagation in two coaxial cables above ground system are

studied in detail in order to establish the main features of propagation in a
multiconductor system. This treatment is followed by a generalization to more
complex configurations [4.3]. In a case of two coaxial cables above ground shown in
Figure 2.3.6 in Chapter 2, the coaxial braids each possess a self-capacitance, C1, to
ground, self-inductance, LS, and with a mutual capacitance and inductance between
the braids, C2 and M, respectively, illustrated in Figure 4.4.1.
Christopoulos [4.3] and Naylor et al. [4.9] noted that the matrix products of (4.58)
and (4.59) are not diagonal, implying that the total voltage and current on any coaxial
braid line is dependent on the voltages and currents on all the lines and that part of the
electromagnetic energy are transported at different modes of propagation velocities. In
order to incorporate the multimode into the TLM model, it is necessary to first
decouple the line interaction using a suitable transformation matrix.
Tertiary

Coaxial
Braid

Source

V1

C1

M12

Inner
Conductor

Victim

C12

C1

V2

Ground

Figure 4.4.1: An illustration of two coaxial cables above a ground plane system
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By applying Kirchoff’s Voltage Law (KVL), the following relationships can be
derived:
(4. 50)

(4. 51)
By applying Kirchoff’s Current Law (KCL), the following relationships can be
given as:
(4. 52)

(4. 53)
Rearranging equations (4.50) – (4.53), simplifying them in matrix form gives:
(4. 54)

(4. 55)
where
(4. 56)

(4. 57)
For the tertiary circuit, [L] and [C] are as given in Chapter 2, section 2.4.1B. The
derivatives of equations (4.54) and (4.55) are then given by:
(4. 58)

(4. 59)
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Hence, simplifying equations (4.58) and (4.59) gives:
(4. 60)

where

(4. 61)

(4. 62)
Equation (4.63) indicates that voltages V1 and V2 are coupled through the offdiagonal elements b [4.3]. It is convenient to introduce a set of new modal voltages,
Vm1 and Vm2, where the transmission lines are decoupled. The new modal voltages are
related to V1 and V2 through a transformation matrix S, given by [4.3]:
(4. 63)
where matrix S can be defined as:

(4. 64)
By substituting (4.63) into (4.60) and through calculations of the elements of the
matrix known as eigenvalues and eigenvectors, the variation of the two modal
voltages can be described in equations (4.65) and (4.66) as:
(4. 65)

(4. 66)

Equations (4.67) and (4.68) describe the two independent modes of propagation,
where the propagation velocity for modes 1 and 2 are respectively expressed as:
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(4. 67)

(4. 68)
Since the modal voltages are related to the actual line voltages, the transformation
matrix S can be equated in (4.69) as:
(4. 69)
Through diagonalisation, the common and differential mode signals of the modal
voltages are equated as:
(4. 70)

Hence:
(4. 71)
(4. 72)
For simplicity, substituting in the values for [L] and [C] as given in section
2.4.1B, it is found that

; so that the velocity of propagation for both modes are

the same and correspond to the speed of light, c.
Naylor [4.9] et al. presented the modal currents in a more direct approach that is
more convenient for numerical applications. Simplifying equations (4.58) and (4.59)
give:
(4. 73)

Similarly, by introducing new sets of modal currents, the new modal currents are
related to I1 and I2 through a transformation matrix Q, given by [4.9]:
(4. 74)

119

Numerical Modelling
where
(4. 75)
By comparison with (4.74), the current equations are given by:
(4. 76)

(4. 77)
The modal impedance, Zm, which relates modal voltages to modal currents, is
required. The equation relating actual line quantities with modal voltages is given by:
(4. 78)
As the modal voltages vary as a function of time, space and velocity [4.9], they
can be given by:
(4. 79)
Substituting:
(4. 80)
Then:
(4. 81)

Hence, (4.81) can be written as:
(4. 82)
By integrating (4.82) with respect to distance, xs, it becomes:
(4. 83)
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Substituting (4.81) to (4.83), gives:
(4. 84)
Hence:
(4. 85)
where the modal characteristic impedance

is given by:
(4. 86)

After derivation, (4.86) gives:

(4. 87)

4.4.1

Implementation of the Multimode Model into TLM Model

The first step in computation is to obtain the modal components and the
corresponding propagation velocities for each mode. The system is then separated into
external coupling regions, mode conversion and mode propagation regions, shown in
Figure 4.4.2 [4.3]. Between the coupling regions propagation of the modal quantities
takes place along fictitious conductors chosen to sustain the independent propagation
of each mode [4.9]. At each segment ∆x, the modal voltages and currents are
converted to line components and are combined with the source term for external
coupling from the adjacent source braid. The resulting victim braid components are
then converted into modal components, which propagate along the two coaxial braids
represented by appropriate modal impedances. Reconversion to modal quantities is
then implemented to allow propagation to the next coupling region. This process is
repeated for the total number of segments in the TLM model.
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External Coupling
Region

Modal-to-Line
Conversion
VT1

Line-to-Modal
Conversion

+

Mode 1

+

Mode 2

VT2
∆x

Ground
Figure 4.4.2: Model of multimode propagation on the source braid coupled to the
victim braid through the surface transfer impedance VT1 and VT2.
Thus, for each of the braids of the source and victim coaxial lines there is a
voltage source which models the external coupling at the nodes. This voltage source is
a real line quantity and in order to incorporate into each of the nodes, it is necessary to
convert from modal parameters to actual line parameters, add in the source term and
finally converting it back.

VT
+

IL

Zm

VL

IR

VR

Zm

Figure 4.4.3: External coupling source in one segment of the source and victim braid
coaxial line
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From Figure 4.4.3, it can be deduced that:
(4. 88)
(4. 89)
where the subscripts L and R denote the line to the left or to the right of the node.
Through the transformation matrix S and Q, (4.88) and (4.89) can be given as:
(4. 90)
(4. 91)
(4. 92)
(4. 93)
The current in the transmission line can be described as:
(4. 94)
(4. 95)
Similarly:
(4. 96)
(4. 97)
From equations (4.92), (4.93), (4.95) and (4.97), it can be written that:
(4. 98)
(4. 99)
Similarly, equations (4.90) and (4.91) can be written as:
(4. 100)
(4. 101)
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Combining equations (4.100) and (4.101), (4.102) can be written as:
(4. 102)
Similarly, combining equations (4.98) and (4.99), (4.103) can be written as:
(4. 103)
Equations (4.102) and (4.103) are manipulated to obtain two further expressions
relating the known parameters (incident pulses and source terms) to the unknown
parameters (reflected pulses) through simultaneous equations, given by [4.9]:
(4. 104)

(4. 105)
where
(4. 106)
Figure 4.4.4 and Figure 4.4.5 both show one segment of how the two propagation
modes are implemented into the TLM model. Note that both the modes comprise of
the braid where the signal travels at the speed of light, c. The subscripts m1 and m2
indicate modes 1 and 2 respectively; L and R indicate the line to the left and right
respectively; at node n, at time step k.

124

Numerical Modelling

VT
+
+
2kVm1Ln

+

i

kVLm1n

kIm1n

2kVm1Rni

kVm1n

Zm1

Zm1

kVRm1n

Figure 4.4.4: One segment of the TLM model on the differential mode of the system
(Mode 1)
Solving the Thevenin Equivalent circuit as illustrated in Figure 4.4.4, for each
node, the total voltage of the node is given by:

(4. 107)

Following equations (4.108) and (4.109), the reflected pulses would then be given
by:
(4. 108)

(4. 109)

125

Numerical Modelling

VT
+
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+
2kVm2Ln

+

i

kVLm2n

2kVm2Rni

kVm2n

Zm2

Zm2

kVRm2n

Figure 4.4.5: One segment of the TLM model on the common mode of the system
(Mode 2)
Similarly, solving for the Thevenin Equivalent circuit as illustrated in Figure
4.4.5, for each node, the total voltage of the node is given by:

(4. 110)

Following equations (4.111) and (4.112), the reflected pulses would then be given
by:
(4. 111)

(4. 112)
Therefore, with NT denoting the total number of segments in the transmission
line, the real quantity of the current in the victim line’s coaxial braid can be deduced
to be:

(4. 113)
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The current obtained from (4.113) can be used to calculate the transfer impedance
in section 4.2.2 and finally included into the calculation of the current, IV, of the
victim line. Subsequently, the coupling degree of the two coaxial cables above ground
system can then be obtained from (4.49).

4.5

Numerical Modelling Results – Effects of Brass End Plates

4.5.1

Coupling between Two RG-58 Coaxial Cables in Free Space

Simulation was performed using the 1D TLM model developed in section 4.3.
Figures 4.5.1 – 4.5.4 show a simulated lossless crosstalk system between two RG-58
coaxial cables in free space for different separations, s, between the cables (2, 5, 10
and 15cm) compared against measurement, where the differential mode inductive
effects of the brass end plates can be observed from the discrepancy in the peaks of
the resonant frequencies when omitting the inductance effects.
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Figure 4.5.1: Crosstalk showing the effects of brass end plates at the terminations of
the tertiary circuit with s = 2cm
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Figure 4.5.2: Crosstalk showing the effects of brass end plates at the terminations of
the tertiary circuit with s = 5cm
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Figure 4.5.3: Crosstalk showing the effects of brass end plates at the terminations of
the tertiary circuit with s = 10cm
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Figure 4.5.4: Crosstalk showing the effects of brass end plates at the terminations of
the tertiary circuit with s = 15cm
The close separation and the presence of dielectric surrounding the coaxial cable
braid accounts for the frequency discrepancy in the measurement. As the separation
increases, the effects of the dielectric decrease; and so does the frequency discrepancy.
In general, the peaks of the resonant frequencies correspond to the resonant
frequencies of the differential mode current in the tertiary circuit (formed by the
external surfaces of the two cable braids as well as the short circuit at the brass end
plates).
For a length of 1.22m and assuming that the propagating velocity is the speed of
light, c (a good approximation as the tertiary circuit is air insulated apart from the
plastic sheath over the braids) the resonances are at 128, 247, 369, 492, 615, 739MHz
etc. These are the resonances predicted including end plate inductance in Figures 4.5.1
– 4.5.4, with an assumption that the terminations of the tertiary circuit are short
circuited. Results of the investigation performed in Chapter 3, section 3.3, show that
the peak resonant frequencies between simulated and measured results can be matched
by including the predicted inductance measured for the terminations of the tertiary
circuit. The addition of an inductance at the terminations of the tertiary circuit
increases the resonant frequency of the tertiary circuit to approximately 118, 233, 351,
469, 588, 706MHz etc.
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4.5.2

Coupling between Two RG-58 Coaxial Cables via a Ground Plane

Similar to section 4.5.1, simulations were also performed using the 1D TLM
model developed in section 4.4. Figures 4.5.5 – 4.5.11 show a lossless crosstalk
system between two RG-58 coaxial cables over a metallic ground plane, where the
common mode effects of the brass end plates’ inductance can be observed from the
difference in the peaks of the resonant frequencies. The models were simulated,
including only the differential mode effects of the end plates’ inductance. Keeping the
height of the cables from the ground plane, h, constant at 11.5cm; Figures 4.5.5 –
4.5.8 show frequency domain results for varying separations between the cables, s, (2,
5, 10 and 15cm). In conjunction, by keeping the separation, s, constant at 5cm,
Figures 4.5.9 – 4.5.11 show frequency domain results by varying h (16.5, 21.5 and
26.5cm).
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Figure 4.5.5: Crosstalk showing the effects of brass end plates at the terminations of
the tertiary circuit with s = 2cm and h = 11.5cm
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Figure 4.5.6: Crosstalk showing the effects of brass end plates at the terminations of
the tertiary circuit with s = 5cm and h = 11.5cm
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Figure 4.5.7: Crosstalk showing the effects of brass end plates at the terminations of
the tertiary circuit with s = 10cm and h = 11.5cm
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Figure 4.5.8: Crosstalk showing the effects of brass end plates at the terminations of
the tertiary circuit with s = 15cm and h = 11.5cm
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Figure 4.5.9: Crosstalk showing the effects of brass end plates at the terminations of
the tertiary circuit with s = 5cm and h = 16.5cm
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Figure 4.5.10: Crosstalk showing the effects of brass end plates at the terminations of
the tertiary circuit with s = 5cm and h = 21.5cm
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Figure 4.5.11: Crosstalk showing the effects of brass end plates at the terminations of
the tertiary circuit with s = 5cm and h = 26.5cm
The discrepancy in the resonances observed in Figures 4.5.5 – 4.5.11 are the
effects of the assumption that the terminations of the common mode path in the
tertiary circuit is short circuited. Studies performed in Chapter 3, section 3.3, show
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that the peak resonant frequencies between simulated and measured results can be
matched by including the predicted inductance measured for the terminations of the
tertiary circuit.
In the multimode model, the peaks of the resonant frequencies in the tertiary
circuit are formed by two different current modes (differential and common mode
currents, Itd and Itc). Similar to the crosstalk between two cables in free space, the
differential mode current is formed by the external surfaces of the two RG-58 cables
and the brass end plates at the terminations. On the other hand, the common mode
current is formed by the return path between the surfaces of the cables and the metallic
ground plane.
Unlike the resonant peaks of the crosstalk observed in section 4.5.1, it is observed
that the extra resonant peaks are effects caused by the common mode currents in the
tertiary circuit. The measurements show that the resonant effects caused by the
common mode currents are more distinctive at high frequencies (>500MHz). As the
height of the cables above the ground plane, h, increases, the resonant peaks caused by
the common mode currents gradually disappears. However, with the same conditions;
although visible, the simulated results show a gradual decrease in the resonant peaks
as h increases. The common mode resonant peaks are not entirely visible in the
measurements as due to the relatively high Q the peak of the resonances, maximum
coupling may be missed in a frequency domain study.

4.6

Conclusions
In this chapter, the numerical modelling technique based on the 1D Transmission

Line Modelling (TLM) method was introduced. In implementing this method for
crosstalk simulation, several factors are considered such as time synchronisation of all
three circuits (source, tertiary and victim circuits); and also numerically modelling the
cable braid’s surface transfer impedance using two techniques, the stub inductance
model and digital filter model. For ease of computation, it is necessary to synchronise
the time and space steps to be the same by adjusting the propagation velocities for all
three circuits. The crosstalk of two conductors in free space is governed by the
differential mode current. However, when the two conductors are placed over a
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conducting ground plane, the crosstalk is governed by both the differential and
common modes, which are modelled using the multimode model.
It can be concluded that the numerical model of the system is successfully
modelled using the TLM technique. Predictions show that the characterisation of the
braid’s transfer impedance is insufficient to predict accurate results when compared
against measurements. The results also successfully compared the effects of including
the brass end plates into the system and can finally be concluded that the peaks of the
resonant frequencies correspond to the resonant frequencies in the tertiary circuit.
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CHAP TE R 5
SKI N D EP T H EF F EC T
5.1

Analysis of the Skin Depth Effect
This chapter presents the overall crosstalk results for all configurations; in both

time and frequency domain. Results are compared between numerical predictions and
measurements, showing the effects of skin depth in the tertiary circuit.
The skin depth effect is an important factor in the modelling of a transmission
line. Although much research has been done in investigating the system of twoconductors in free space [5.2], [5.3], [5.5] and [5.6], not much has been mentioned
about the skin depth effect in the coaxial cable braid. It is usually included in the
modelling of a conductor itself but not in the tertiary circuit of a coaxial cable system.
The skin depth effect can be analytically described as given by Clayton [5.7], which
essentially forms the basis for the theory of this loss factor.
If the line conductors are considered to be perfect conductors of infinite
conductivity, any currents and charges must exist only on the surfaces of the
conductors [5.7]. For realistic line conductors, the conductivities are finite. A line
conductor of finite conductivity allows the current to penetrate so that a portion of its
magnetic flux links a portion of the current internal to the line conductor and affects a
per-unit length internal inductance, Li. The internal current inevitably produces an
internal resistance, Rdc. Note that these parameters only apply to solid, round wires. At
DC, the current is uniformly distributed over a cross section of a solid conductor. This
is illustrated in Figure 5.1.1. As frequency of excitation, f, increases, the current tends
to crowd closer to the surface of the conductor. This is referred to as the skin depth
effect. For a well-developed skin effect, the current can be considered to be uniformly
distributed over an annulus at the surface of the wire of depth, δ; which is the skin
depth. For most common cables, electromagnetic fields do not tend to penetrate line
conductors at high frequencies. At lower frequencies, the electromagnetic field can
penetrate the entire cross section of the current carrying conductor.
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Solid Line
Conductor

dc = low
frequencies

δ
hf = high
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r = radius of
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Figure 5.1.1: Illustration of the dependence of the per-unit length resistance of a solid
line conductor on frequency (skin effect)
The skin depth, δ, of the current carrying conductor is given by [5.7] as:

(5. 1)
where σ denotes the conductivity of the conductor, μ denotes the permeability; and f
denotes the frequency.
Figure 5.1.2 shows the skin depth, δ, over a range of frequencies from 10MHz –
1GHz, for a conductivity of copper (58.82MS-1) and permeability of free space
(4π×10-7NA-2), and this will be used in investigations throughout this work. With
increasing f, the skin depth is decreasing. This reflects that with higher frequencies,
the current travels only on the surface of the line conductor.
-5

2.5

x 10

 of copper

Skin Depth  / m

2

1.5

1

0.5

0 7
10

8

10
Frequency / Hz

9

10

Figure 5.1.2: Pattern of skin depth, δ, with increasing frequency (10MHz – 1GHz)
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The DC internal resistance of a solid conductor, Rdc, is given by:
(5. 2)
Equation (5.2) is only applicable when

. As frequency increases,

.

Hence, the resistance, Rcable, is:
(5. 3)
Thus, the internal inductance of a solid conductor, Li, can be equated as:
(5. 4)
The internal inductance at other frequencies is [5.7]:
(5. 5)

5.2

Modelling the Skin Depth Effect into the Tertiary Circuit
The skin depth effect has been extensively studied on lossy transmission lines

[5.8] – [5.14]. However, many methods that have been developed treat the skin effect
at only high frequencies, failing to predict the properties of transmission lines at low
frequencies [5.10]. Since the skin depth effect is frequency dependent, it would be
easier to model in the frequency domain. However, digital signals are best modelled in
the time domain, where the change in the rising edges is affected by dispersion due to
the skin depth effect [5.8].
In this investigation, the skin effect is modelled for the tertiary circuit to develop a
realistic model in this two-wire system. This is developed for the TLM method used in
this work. All skin effect models proposed for transient response were developed
using R-L lumped circuit models. All methods were successfully modelled to provide
relatively accurate response for the skin depth effect, but most developed models tend
to produce either large or relatively complicated ladder circuit models, which is a
major drawback in computational modelling [5.11], [5.13] and [5.14]. As Dinh et al.
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[5.11] suggested, the larger the number of branches in the ladder circuit model, the
smaller the error due to discretisation when reconstructing the output signal.
Yen et al. [5.9] introduced a compact circuit model, but this method failed to
capture the skin effect at high frequencies accurately, mainly from 100MHz – 1GHz,
which falls in the frequency range of interest of this work. It also did not establish
clear rules governing the choice of the component values [5.10]. As far as the
frequency range is concerned in this investigation, Bidyut et al. [5.8] and Kim et al.
[5.10] produced a relatively accurate skin effect response in the time domain. A
modified model of Yen et al. [5.9] is developed by Kim et al. [5.10] using simple rules
for selecting the values of resistors and inductors for a four deep ladder circuit model.
It also clearly shows the equivalent circuit of the ladder circuit model that accurately
models the skin effect for circular cross section conductors up to a frequency with a
skin depth up to a hundredth of the radius conductor [5.10]. The lumped circuit model
developed by Bidyut et al. [5.8] also accurately predicts the skin effect using a six
ladder circuit model composed of resistors and inductors, where the selection of the
values of the components are clearly stated. Its desired frequency range is from 1 kHz
– 1 GHz, which corresponds with the frequency range studied in this thesis. Therefore,
models developed by Bidyut et al. [5.8] and Kim et al. [5.10] are investigated and
implemented into the tertiary circuit respectively and the results are compared.

5.2.1

Skin Effect Model by Bidyut et al. [5.8]

Since the skin depth, δ, is dependent on frequency, the main difficulty to model
the contributions of the skin effect in a lumped circuit model lies in the
dependence of the skin effect impedance. The bandwidth for this model ranges from 1
kHz – 1 GHz. Hence, the approach is that the L and R variation in the desired
frequency range can be mimicked. Figure 5.2.1 shows a cross section of the RG-58
coaxial cables, illustrating how the skin depth effect can be modelled for the tertiary
circuit of the two-conductor system.
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Figure 5.2.1: Configuration showing the two coaxial cables
Since the tertiary circuit is treated as a transmission line, the skin depth effect can
easily be implemented into it using this lumped circuit model developed by Bidyut et
al. [5.8].
Intuitively, to mimic the skin depth effect, a conductor can be imagined to be
made up of concentric segments. All segments carry current at low frequencies,
minimising the resistance and maximising the internal inductance. With increasing
frequency, the outer segments stay active, thus increasing the resistance and
decreasing the internal inductance. This can be modelled using L-R circuits connected
in series in each branch of the ladder circuit. Figure 5.2.2 illustrates the ladder circuit
model of the skin depth effect.

Figure 5.2.2: The ladder circuit model of the skin depth effect proposed by Bidyut et
al. [5.8]
141

Skin Depth Effect
Let i denote the branch number 1 – 6. With increasing branch number, the value
of the resistance, Ri, of the branch increases by a factor of x, where x is assumed an
arbitrary number by Bidyut et al. [5.8] for accurate modelling of the skin depth.
Meanwhile, the value of the inductance, Li, decreases by the same factor, x [5.8].

Therefore, the resistance and inductance for each branch can be equated with a
general formula respectively, giving:
(5. 6)
(5. 7)
Note that the parallel combination of all the resistances in each branch must sum
up to Rdc. Similarly, Li can be solved iteratively by equating the phase to the
combination of the Rdc-Li circuit at low frequencies [5.8]. The solutions for these
values are tabulated in Table 5.2.1.
No. of
Branches

R1

L1

1

Rdc

Li,dc

2

1.32Rdc

1.68Li,dc

3

1.42Rdc

1.94Li,dc

4

1.45Rdc

2.03Li,dc

5

1.457Rdc 2.06Li,dc

6

1.461Rdc 2.07Li,dc

Table 5.2.1: Skin effect for determining the values for R and L for the first branch
depending on the number of branches of the ladder circuit
It is shown by Bidyut et al. [5.8] that for a frequency range from 1 kHz – 1 GHz,
the number of branches that the ladder circuit requires are six. Thus, the following
equations calculate the values for R1 and L1.
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(5. 8)
(5. 9)
The internal resistance of the braid can be approximated by [2.8] and defined in
Chapter 2:
(5. 10)
The internal inductance of a solid conductor can be given by (5.5); this is not the
case for a coaxial cable braid due to the different structure of the braid. According to
[5.10], the internal inductance of the outer conductor (coaxial braid), at low
frequencies can be given by:

(5. 11)

where Rm denotes the radius of the mean braid diameter, Dm, and Rb denotes the outer
diameter of dielectric, D0. The parameters of Dm and D0 can be found or calculated as
in [4.2].
The TLM equivalent circuit from the L-R ladder is given in Figure 5.2.3. The
tertiary circuit of the numerical model using the TLM technique, stub models [5.4],
are developed to describe the inductances in the ladder circuit. The equivalent TLM
circuit is then as shown in Figure 5.2.4.
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Figure 5.2.3: Equivalent circuit of the ladder circuit model
The skin depth effect occurs throughout the length of the cable. The tertiary
circuit consists of the braids of the two coaxial cables, it is necessary to apply the
ladder circuit model of the skin effect in both braids, with the same values of L and R
in each branch since the cables used are identical. The following equations are derived
to solve the tertiary circuit including skin effects. Therefore, the single node Thevenin
equivalent circuit can be constructed as in Figure 5.2.4.

Figure 5.2.4: Thevenin equivalent circuit at a single node in the tertiary circuit
including contributions from coupling due to skin effect and due to transfer impedance
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The following equations are derived to solve for the interconnect for the skin
effect in the tertiary circuit of the numerical TLM model. Let subscripts
braid) and

j

i

(source

(victim braid) denote the branch number 1 – 6. Since the skin effect

models in both the source and victim braids are the same, the total impedances,
and

, for each branch can be given by a general formula:
(5. 12)
The impedances for the inductive stubs, Zi and Zj, are:
(5. 13)
Voltages Vse and Vsd denote the skin effect in both the source and victim line’s

braids respectively and VT denotes the surface transfer impedance of the braid. The
voltages Vsd and Vse are:

(5. 14)

(5. 15)

where ∆x denotes the space-step. Thus, Vsd and Vse can be solved for each branch,
giving:
(5. 16)
(5. 17)

(5. 18)

(5. 19)
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where Ii (source braid) and Ij (victim braid) denote the currents flowing into each
branch of the skin depth model. Hence, the stub impedance in each branch can be
given as:
(5. 20)
(5. 21)
Next, the reflected voltages, Vir and Vjr, can be derived as:
(5. 22)
(5. 23)
where the superscript r denotes the reflected voltages in the segment.
The interconnection between each node in the tertiary circuit can then be given as:
(5. 24)
(5. 25)
Finally, the overall voltage, Vn; current, It; and the reflected voltages, VLr and VRr;
of the node is then:

(5. 26)

(5. 27)

(5. 28)
(5. 29)
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5.2.2

Skin Effect Model by Kim et al. [5.10]

In section 5.2.1, [5.8] models the skin depth effect where the number of branches
of the lumped ladder circuit model depends on the range of frequency to be modelled.
However, the method proposed in [5.10] models the skin effect via a four deep ladder
circuit where it divides the circular cross section conductor into four concentric rings,
where each ring is represented by one ladder section, with R1 being the outermost ring.
The skin effect ladder circuit is illustrated in Figure 5.2.7.

Figure 5.2.7: The ladder circuit model of the skin depth effect proposed by Kim et al.
[5.10]
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A diagram of how the branches of the four ladder compact circuit are represented
by the cross section area of a solid conductor is illustrated in Figure 5.2.8.

Figure 5.2.8: A schematic illustration representing the four ladder circuit to a solid
conductor
Note that the ladder circuit model comprises four resistances Ri, where
and three inductors, Li, where

,

. RR denotes the resistance factor. Thus, in this

case, the resistance values can be derived from a general formula:
(5. 30)
It is required in this model that the DC resistance of the braid, Rdc, is equal to the
DC resistance of the ladder circuit. Hence, R1 is:
(5. 31)
where Rdc can be obtained in (5.10).
In order to match the resistance of the conductor at high frequencies, the selection
of the outermost ring, R1, is the most crucial step which would affect the entire
model’s accuracy in modelling the skin effect. As proposed in [5.10], it is found that if
the maximum desired frequency is ωmax (1 GHz), then αR is:

(5. 32)
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where

(5. 33)

and the wire radius is the radius of the coaxial braid used to calculate Rdc in (5.10).
The unknowns in (5.34) are constrained by asymptotic behaviour at low
frequencies and that Kim et al. [5.10] proposed that Rdc and αR are related by:
(5. 34)
Similarly, LL denotes the inductance factor and the inductance values can be
found using a general formula:
(5. 35)

It is required in this model that the low frequency inductance of the braid, Llf, is
equal to the low frequency inductance of the ladder circuit. Hence, L1 can be gven as:
(5. 36)

To ensure the frequency response is modelled accurately across the frequency
range, αL can be given as:
(5. 37)
The inductance factor, LL, can then be solved, as proposed by Kim et al. [5.10],
given by:

(5. 38)
By implementing the ladder network for the skin depth effect as given in Figure
5.2.7 into the tertiary circuit of the numerical model using the TLM technique, stub
models [5.4], are used to describe the inductances in the ladder circuit. The equivalent
TLM circuit is as shown in Figure 5.2.8.
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Figure 5.2.8: Equivalent circuit of the ladder circuit model
In TLM, the length of the cable is divided into segments. Since the skin depth
effect occurs throughout the length of cable, Figure 5.2.9 shows the Thevenin
equivalent circuit using the ladder circuit model for the skin effect as implemented in
each segment. Taking one segment as an example.
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R4
+
2V3i
I3
Z3
+

R3

2V2i
I2
Z2
R2
+
2V1i
I1

Z1

VT
R1

+
It

+
2kVLni

+

2kVRni

ZC

ZC

Figure 5.2.9: Thevenin equivalent circuit for one segment implementing the skin effect
The following equations are derived to solve for the interconnects for the skin
effect in the tertiary circuit of the numerical TLM model. The impedance for the
inductive stubs, Zi, are shown in (5.13). In Figure 5.2.9, the incident voltages can be
solved for each branch via a matrix formation as given in (5.39).
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(5. 39)
Hence, the currents can be solved through:
(5. 40)
The inverse for the impedance matrix

can be obtained through a matrix

solving package such as MATLAB and need only be derived initially in the
simulation.

5.3

Results – Comparison between the Two Models
The results for models developed by Bidyut et al. [5.8] and Kim et al. [5.10] are

compared in this section. One way to compare the results between them is to simulate
the crosstalk of the two coaxial cables in free space system. The results given in
Figures 5.3.1 – 5.3.4 are compared in the frequency domain after Fourier
transformation of the time domain numerical results. The cable configuration is as
given in Figure 2.3.2 in Chapter 2, section 2.3.1.
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Figure 5.3.1: Model Comparison with separation of 2cm
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Figure 5.3.2: Model Comparison with separation of 5cm
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Figure 5.3.3: Model Comparison with separation of 10cm
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Figure 5.3.4: Model Comparison with separation of 15cm
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Using the exact same simulation criterions in Chapter 4, Figures 5.3.1 – 5.3.4
show excellent agreement between the two models proposed. The comparison
between the peaks of the resonant frequencies can be clearly seen in the frequency
domain. The skin depth model proposed by Bidyut et al. [5.8] is convenient to
implement since the incident and reflected stub voltages in each branch can easily be
derived and calculated using the TLM technique [5.4]. However, this model is only
effective for low frequencies. As frequency increases, the number of branches
required to accommodate for the desired frequency increases, thus, causing it to be a
drawback for circuitry design and computational simulation. As for the skin depth
model proposed by Kim et al. [5.10], the compact four ladder circuit can be
implemented for any desired frequency since its resistance factor, RR, in (5.34); and
inductance factor, LL, in (5.38) are determined by its maximum desired frequency in
equations (5.32) and (5.33). Therefore, the more preferable skin depth model to be
implemented is the model developed by Kim et al. [5.10], as its matrix
implementation can easily be derived through any matrix solving software such as
MATLAB.

5.4

Results – Complete Characterisation of the Tertiary Circuit

5.4.1

Coupling between Two RG-58 Coaxial Cables in Free Space

A. Frequency Domain Results
Simulation was performed using the 1D TLM model developed in Chapter 4,
section 4.3. Figures 5.4.1 – 5.4.4 show results with different separations, s, between
the cables (2, 5, 10 and 15cm), where the results obtained from TLM simulations is
compared with the measured crosstalk, with and without including the skin depth
effect for the tertiary circuit. The frequency domain measurements were presented in
Chapter 3, section 3.2.1.
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Figure 5.4.1: Crosstalk between two parallel RG-58 coaxial cables in free space with
s = 2cm. (a) Frequency: 10MHz – 1GHz. (b) Frequency: 100MHz – 1GHz.
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Figure 5.4.2: Crosstalk between two parallel RG-58 coaxial cables in free space with
s = 5cm. (a) Frequency: 10MHz – 1GHz. (b) Frequency: 100MHz – 1GHz.
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Figure 5.4.3: Crosstalk between two parallel RG-58 coaxial cables in free space with
s = 10cm. (a) Frequency: 10MHz – 1GHz. (b) Frequency: 100MHz – 1GHz.
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Figure 5.4.4: Crosstalk between two parallel RG-58 coaxial cables in free space with
s = 15cm. (a) Frequency: 10MHz – 1GHz. (b) Frequency: 100MHz – 1GHz.
As observed in Figures 5.4.1 – 5.4.4, the simulated results have very good
agreement with the measurement results. It is observed that by including the skin
depth effect, δ, in both the braids of the coaxial lines, better agreement in shape as
well as magnitude is observed between the peak crosstalk resonant frequencies in the
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TLM solution and the peaks of the measurements for all separations. When δ is
omitted, the peak resonant frequencies appear to be higher, especially at high
frequencies, generally above 500MHz. At low frequencies, where the line length is
very much less than

, the coupling can be determined by a lumped model where the

entire cross section are of the braid is dominated by the loop coupling inductance in
the tertiary circuit (penetration of the magnetic field). The coupling in the tertiary
circuit is completely defined by the composite effects of the DC impedance of the
braid and the loop inductance, together with the resistive losses in the tertiary circuit.
Hence, at these frequencies, the skin depth effect is not a significant factor. As
frequency increases, the skin depth effect in the tertiary circuit gradually takes effect,
where the crosstalk is controlled by the increasing resistance in the tertiary circuit. It is
proven that the inclusion of the skin depth effect is essential in the tertiary circuit as it
significantly improves the Q-factor in the peaks of the resonant frequencies.
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B. Time Domain Results
Similarly, simulations were performed using the model as proposed in Chapter 4,
section 4.3, where the time domain crosstalk between the two RG-58 coaxial cables in
free space can be observed from the voltage, VV0, obtained from the adjacent cable. In
order to obtain similar output, the source voltage simulated has to be comparable to
the source generated by the instrument. Figure 5.4.5 shows a comparison of the square
wave generated by the pulse function arbitrary generator (PFAG) presented in Chapter
3, section 3.2.2C, and a TLM simulated square wave. The rise and fall time of the
imperfect square wave generated by the PFAG is measured accordingly to the
corresponding fundamental frequency.
0.15
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Figure 5.4.5: Comparison between generated and simulated square wave
However, in section 3.2.2C, it has been proven that the broadband amplifier does
not provide a linear gain, causing the output of the square wave input signal to slightly
deviate from its original shape. Based on the configuration used in section 3.2.2C, V’IN
in Figure 3.2.12 can be approximated by generating the corresponding square wave
for better crosstalk comparisons.
The fundamental frequency as depicted in Figure 5.4.5 is 46.67MHz. By varying
the fundamental frequency of the time domain input, the harmonics of the input
fundamental frequency is observed from the output peaks of the resonant frequencies
in the frequency domain, as presented in section 5.4.1A.
161

Skin Depth Effect
The PFAG has a limited frequency range, where frequencies above approximately
60MHz cause a distortion in the square wave. Therefore, the fundamental frequency
generated is limited to frequencies below 50MHz; depending on the harmonics of the
fundamental frequency, in which the coupling strength appears to be strong at the
resonant peaks. The Time Domain Oscilloscope (TDO) is also unable to observe a
voltage scale of less than 1mV per division. As the separation, s, between the cables
increases, its coupling strength decreases. Therefore, in order to obtain a clear
comparison of the time domain coupling, both the simulation and measurement are
performed with a fundamental frequency input, where the harmonics at low frequency
resonant peaks can be observed.
In section 5.4.1A, the first 2 peak resonant frequencies were observed to be at
approximately 118MHz and 233MHz, within the frequency range of 10MHz – 1GHz.
To obtain the corresponding resonant peak harmonics, the fundamental frequencies
fed into the square wave are 39.33MHz and 46.67MHz respectively, presented in
Figures 5.4.6 – 5.4.8, for separations, s (2, 5 and 10cm).
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Figure 5.4.6: Time domain crosstalk of two RG-58 coaxial cables in free space for a
separation, s = 2cm, and input of fundamental frequency (a) 39.33MHz. (b)
46.67MHz.
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Figure 5.4.7: Time domain crosstalk of two RG-58 coaxial cables in free space for a
separation, s = 5cm, and input of fundamental frequency (a) 39.33MHz. (b)
46.67MHz
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Figure 5.4.8: Time domain crosstalk of two RG-58 coaxial cables in free space for a
separation, s = 10cm, and input of fundamental frequency 39.33MHz.
It is found that whenever a harmonic of the source square waveform is close to
one of the resonances of the tertiary circuit a strong coupling is observed. Taking
Figure 5.4.6 as an example; from Figure 5.4.1 in section 5.4.1A, it is observed that
there are resonances at approximately 118, 233, 351MHz etc. Typically, an output
yields a voltage signal of same frequency as the input signal. However, no coupling
peak is observed at the fundamental frequency of the source voltage which is
39.33MHz. Therefore, the output yields a frequency of approximately 118MHz, which
denotes the 3rd harmonic of the input fundamental frequency, which also represents
the 1st peak resonant frequency of the crosstalk within the frequency range of 100MHz
– 1GHz, depicted in Figure 5.4.1.
Similarly, no coupling peak is observed at fundamental frequency 46.67MHz. The
output yields a frequency of approximately 233MHz, denoting the 5th harmonic of the
input fundamental frequency, which represents the 2nd peak resonant frequency of the
crosstalk. The critical factor in the coupling strength is due to the resonances in the
tertiary circuit. The resonances are close to the resonances observed in Figure 5.4.1.
From the time domain results measured, most of the crosstalk output signal is
subjected to noise. The time domain coupling for separations 10cm (input
fundamental frequency 46.67MHz) and 15cm are not presented since the coupling
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cannot be recorded below -75dB on the TDO. Moreover, there is difficulty in
capturing clear signals even with coupling between -70dB – -75dB. In all, the
simulated results agree reasonably well with the measured results.
For some applications, time domain signal representation is preferred over
frequency domain analysis since the crosstalk is often useful when presented as a
transient signal, where digital information is often conveyed using voltage as a
function of time. Aspects such as jitter and propagation delay can be studied and
included. Moreover, the change in pattern of the transient signal can only be observed
in the time domain as compared to the frequency domain.

C. Validation of Time Domain Results
In order to validate the accuracy of the time domain results obtained, they are
Fourier transformed into the frequency domain. For the same separations, s, between
the cables (2, 5 and 10cm) in section 5.4.1B, Figures 5.4.9 – 5.4.11 show the peaks of
the resonant frequencies of Figures 5.4.6 – 5.4.8 respectively.
It is observed from the Fourier Transformed time domain results in section 5.4.1B
that the resonant frequency presented perfectly matches the resonances obtained from
the frequency domain results in section 5.4.1A, both at approximately 118MHz and
233MHz respectively, where strong coupling is observed. No other resonances are
seen to occur in both cases. From Fourier analysis it is found that the measurements
obtained in section 5.4.1B contain only the resonant frequency harmonics of 118MHz
and 233MHz; and most of the output signal is subjected to noise. However, when a
square wave of fundamental frequency 39.33MHz is fed into the system, both
resonances of 118MHz and 233MHz are observed to be of significant value; as
presented in Figures 5.4.9a, 5.4.10a and 5.4.11a. The resonance of 233MHz represents
the 6th harmonic frequency of the input fundamental frequency of 39.33MHz,
denoting that the system yields even harmonics at the output. Such phenomenon only
occurs when the periodical input positive peak amplitude is different from the
negative peak value, which can be observed from Figure 5.4.5 in section 5.4.1B. The
cause for such situation lies in the discrepancy of the instrument – Pulse Function
Arbitrary Generator (see Chapter 3).
166

Skin Depth Effect
(a)

20

Fourier Transform of TD Output
at s = 2cm, f0 = 39.33MHz

TD Output / dB

10
0
-10
-20
-30
-40
-50

10

8

Frequency / Hz

10

9

(b)

20

Fourier Transform of TD Output
at s = 2cm, f0 = 46.67MHz

TD Output / dB

10
0
-10
-20
-30
-40
-50

10

8

Frequency / Hz

Figure 5.4.9: Fourier Transform of measurement data in Figure 5.4.6, for a
separation, s = 2cm, and input of fundamental frequency (a) 39.33MHz. (b)
46.67MHz
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Figure 5.4.10: Fourier Transform of measurement data in Figure 5.4.7, for a
separation, s = 5cm, and input of fundamental frequency (a) 39.33MHz. (b)
46.67MHz
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Figure 5.4.11: Fourier Transform of measurement data in Figure 5.4.8, for a
separation, s = 10cm, and input of fundamental frequency of 39.33MHz.

5.4.2

Coupling between Two RG-58 Coaxial Cables via a Ground Plane

A. Frequency Domain Results
Similar to section 5.4.1, simulations were also performed using the 1D TLM
model developed in Chapter 4, section 4.4. In comparison with the crosstalk
measurement results and including both the differential and common mode of the end
plates’ inductance, Figures 5.4.12 – 5.4.15 show results for various separations, s (2,
5, 10 and 15cm) and keeping h constant at 11.5cm; while Figures 5.4.16 – 5.4.18 show
results for various h (16.5, 21.5 and 26.5cm) and keeping s constant at 5cm; with and
without including the skin depth effect into the tertiary circuit.
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Figure 5.4.12: Crosstalk between two parallel RG-58 coaxial cables via ground plane
with s = 2cm and h = 11.5cm. (a) Frequency: 10MHz – 1GHz. (b) Frequency:
100MHz – 1GHz.
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Figure 5.4.13: Crosstalk between two parallel RG-58 coaxial cables via ground plane
with s = 5cm and h = 11.5cm. (a) Frequency: 10MHz – 1GHz. (b) Frequency:
100MHz – 1GHz.
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Figure 5.4.14: Crosstalk between two parallel RG-58 coaxial cables via ground plane
with s = 10cm and h = 11.5cm. (a) Frequency: 10MHz – 1GHz. (b) Frequency:
100MHz – 1GHz.
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Figure 5.4.15: Crosstalk between two parallel RG-58 coaxial cables via ground plane
with s = 15cm and h = 11.5cm. (a) Frequency: 10MHz – 1GHz. (b) Frequency:
100MHz – 1GHz.
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Figure 5.4.16: Crosstalk between two parallel RG-58 coaxial cables via ground plane
with s = 5cm and h = 16.5cm. (a) Frequency: 10MHz – 1GHz. (b) Frequency:
100MHz – 1GHz.
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Figure 5.4.17: Crosstalk between two parallel RG-58 coaxial cables via ground plane
with s = 2cm and h = 21.5cm. (a) Frequency: 10MHz – 1GHz. (b) Frequency:
100MHz – 1GHz.
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Figure 5.4.18: Crosstalk between two parallel RG-58 coaxial cables via ground plane
with s = 5cm and h = 26.5cm. (a) Frequency: 10MHz – 1GHz. (b) Frequency:
100MHz – 1GHz.
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As observed from Figures 5.4.12 – 5.4.18, the simulated results have good
agreement with the measurement results. It is observed that by including the skin
depth effect, δ, in both the braids of the coaxial lines, better improvement in shape is
observed between the peak crosstalk resonant frequencies in the TLM solution and the
peaks of the measurements for all separations, along the wide band of frequencies.
There is not much improvement in the predicted magnitude observed by including δ,
into the braids of the cables as the tertiary circuit is dominated by the common mode
currents (Itc >> Itd), formed by the return path of the metallic ground plane. However,
it is proven that the inclusion of the skin depth effect is essential in the tertiary circuit
as it significantly improves the Q-factor in the peaks of the resonant frequencies.

B. Time Domain Results
Similarly, simulation was performed using criterions as proposed in Chapter 4,
section 4.4, where the time domain crosstalk between the two RG-58 coaxial cables
via a ground plane can be observed from the voltage, VV0, obtained from the adjacent
cable. The same simulated square wave generated in section 5.4.1B is used as the
source fed into the source line. In section 5.4.2A, the first 2 peak resonant frequencies
were observed to be at approximately 118MHz and 235MHz, within the frequency
range of 10MHz – 1GHz. In comparison with the crosstalk measurement results,
Figures 5.4.19 – 5.4.21 show the time domain results for various separations, s (2, 5
and 10cm) and keeping the height, h, constant at 11.5cm; while Figures 5.4.22 and
5.2.23 show the time domain results for various h (16.5 and 26.5cm) and keeping s
constant at 5cm.
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Figure 5.4.19: Time domain crosstalk between two parallel RG-58 coaxial cables via
ground plane with s = 2cm and h = 11.5cm, and input of fundamental frequency (a)
38.4MHz (b) 46.1MHz
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Figure 5.4.20: Time domain crosstalk between two parallel RG-58 coaxial cables via
ground plane with s = 5cm and h = 11.5cm, and input of fundamental frequency (a)
39.63MHz (b) 47.2MHz
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Figure 5.4.21: Time domain crosstalk between two parallel RG-58 coaxial cables via
ground plane with s = 10cm and h = 11.5cm, and input of fundamental frequency (a)
39.63MHz (b) 47.2MHz
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Figure 5.4.22: Time domain crosstalk between two parallel RG-58 coaxial cables via
ground plane with s = 5cm and h = 16.5cm, and input of fundamental frequency (a)
39.63MHz (b) 47.2MHz
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Figure 5.4.23: Time domain crosstalk between two parallel RG-58 coaxial cables via
ground plane with s = 5cm and h = 26.5cm, and input of fundamental frequency (a)
39.63MHz (b) 47.2MHz
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Similar effects in section 5.4.1B are observed from the results obtained in this
section. Therefore, it can be deduced that whenever a harmonic of the source square
waveform is close to one of the resonant of the tertiary circuit, strong coupling is
observed. From Figure 5.4.19, the discrepancy in the amplitude in the time domain
results is observed from the frequency domain results in Figure 5.4.12, section 5.4.2A.
Of all the results it shows the largest discrepancy and requires more investigation.

C. Validation of Time Domain Results
Similarly, in order to validate the accuracy of the time domain results obtained, a
Fourier Transform is performed on the time domain measurement results to verify the
output frequency in which the peak of the resonant frequency resides. For the various
separations, s, between the cables (2, 5 and 10cm) and keeping the height, h, constant
at 11.5cm in section 5.4.2B, Figures 5.4.24 – 5.4.26 show the peaks of the resonant
frequencies of Figures 5.4.19 – 5.4.21; while for various h (16.5 and 26.5cm) and
keeping s constant at 5cm in section 5.4.2B, Figures 5.4.27 and 5.4.28 show the peaks
of the resonant frequencies of Figures 5.4.22 and 5.4.23, respectively.
Similarly, it is observed from the Fourier Transformed time domain results in
section 5.4.2B that the resonant frequency presented perfectly matches the resonances
obtained from the frequency domain results in section 5.4.2A, both at approximately
118MHz and 236MHz respectively, where strong coupling is observed. No other
resonances are seen to occur in both cases. It can be proven that the measurements
obtained in section 5.4.2B contain only the resonant frequency harmonics of 118MHz
and 236MHz; and most of the output signal is subjected to noise. Similarly, even
harmonics are also observed in the output. Such phenomenon only occurs when the
periodical input positive peak amplitude is different from the negative peak value,
which can be observed from Figure 5.4.5 in section 5.4.1B. The cause for such
situation lies in the discrepancy of the instrument – Pulse Function Arbitrary
Generator (see Chapter 3). However, the even harmonics at the output are seen to be
more distinctive when the ground plane is included into the system. This may be due
to the effects of both propagating modes, the common and differential modes,
travelling in the system.
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Figure 5.4.24: Fourier Transform of measurement data in Figure 5.4.19, with s =
2cm, h = 11.5cm and input of fundamental frequency (a) 38.4MHz. (b) 46.1MHz
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Figure 5.4.25: Fourier Transform of measurement data in Figure 5.4.20, with s =
5cm, h =11.5cm and input of fundamental frequency (a) 39.63MHz. (b) 47.2MHz
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Figure 5.4.26: Fourier Transform of measurement data in Figure 5.4.21, with s =
10cm, h = 11.5cm and input of fundamental frequency (a) 39.63MHz. (b) 47.2MHz
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Figure 5.4.27: Fourier Transform of measurement data in Figure 5.4.22, with s =
5cm, h = 16.5cm and input of fundamental frequency (a) 39.63MHz. (b) 47.2MHz
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Figure 5.4.28: Fourier Transform of measurement data in Figure 5.4.23, with s =
5cm, h = 26.5cm and input of fundamental frequency (a) 39.63MHz. (b) 47.2MHz
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5.5

Conclusions
In this chapter, the analysis of the skin depth effect is included as a loss factor in

the characterisation of the tertiary circuit (braided shield). Skin depth effects are
usually modelled in the frequency domain. Time domain skin depth models comprise
of branches of R-L lumped circuits. Most proposed time domain models have
relatively large number of R-L branches, resulting in slow computation. The two most
suitable models are due to (Kim et al. [5.10] and Bidyut et al. [5.8]). The two models
were investigated and compared; and both agree very well with each other.
It can be concluded that good agreement is obtained for both the crosstalk
configurations; two coaxial cables in free space as well as over a perfectly conducting
ground plane; presented in both time and frequency domains when compared against
the measurement results. Predictions include characterisation of the tertiary circuit
through the braid’s transfer impedance, the impedance at the connector plates, and
skin depth effect.
Comparison between measured and numerical solution show that the TLM
solution successfully models coupling. However, it is shown that the coupling
becomes less accurate in the TLM model at higher frequencies, which may be due to
factors such as radiation loss etc. This study proved that noticeable discrepancies are
observed between measurements and the TLM solution when the skin depth effect and
the excess impedance at the connector plates are omitted from the tertiary circuit.
In all, the characterisation of the tertiary circuit is successfully modelled in order
to obtain accurate crosstalk comparison between measurements and the TLM
simulation model. In addition to the importance of crosstalk to EMC studies, the
presentation of results in the time domain is also valuable for Signal Integrity studies,
showing importance for the correct operation of fast digital circuits.
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CHAP TE R 6
PREDICTED RADIATION EMISSION
6.1

Introduction
In recent years, with processor clock rates are reaching into the GHz region such

that significant energy is present well into the microwave frequency range. At higher
frequencies, the energy is more difficult to contain. Subtle factors like enclosure slots,
length of individual component interconnections and radiation directly from
terminated high-speed circuit boards all are potential causes for unwanted radiation.
Moreover, radiated fields generated by transmission lines such as multiconductor lines
and tracks on a printed circuit board, are also a major concern in electromagnetic
compatibility (EMC) studies. The increasing use and demand for high-frequency
electrical and electronic equipment in modern applications require an increasing effort
in developing better designs to avoid electromagnetic interference (EMI). Therefore,
to ensure normal functions of circuitries, control units, and massive data commutation
networks, the radiated electromagnetic fields must be accurately calculated.
Many problems for EMC and interferences are caused by interconnects such as
coaxial cables, which either radiate in free space or couple by imperfect shields into
other cables, devices and antennas; or any receiving circuit, which then cause induced
voltages and currents, potentially resulting in the malfunction of the victim devices. In
modern systems where cables play such a dominant role (ie: an aircraft which
comprises several kilometres of cables or in the automotive industry), it is crucial that
such radiation effects involving cables are taken into account in the design process of
electromagnetic systems from an EMC perspective. As the most fundamental model in
wiring, it is important to investigate theoretically the radiation from a transmission line
of finite length [6.11]. Since the transmission line considered here is of much smaller
cross-sectional dimensions than the wavelength of the travelling wave in the line
concerned, the principal propagation mode is essentially TEM mode. This chapter
aims to present an estimation of the electromagnetic field radiation from a bare copper
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wire above ground; and a RG-58 coaxial cable above ground, using time and
frequency domain models.

6.2

Electric Field Estimates
It is known that charge and current distributions on conductors set up electric and

magnetic fields around them. Two techniques have been developed to compute the
radiated electromagnetic field from interconnects: the exact analytical solution [6.8]
and the Hertzian dipole approximation approach [6.9] – [6.12] and [6.15] – [6.17].

6.2.1

Analytical Solution

The first approach is to resolve the travelling current signal into a series of
transient functions, where the resultant field is a superposition of all the functions. As
to the achievement of a practical EMC modelling method, the exact analytical
solutions apply only to a limited and impractical range of geometries. To solve most
practical problems such as a coaxial cable radiation, full wave numerical solvers must
be used. However typical problems require excessive computational time. Therefore,
an intermediate level modelling method aims to provide a faster solution with less
computing resources to obtain the results required. A closed-form solution for the total
power radiated by a multiconductor line above a ground plane was proposed by Cozza
et al. [6.6], although this solution is very powerful and accessible, the radiation due to
the discontinuities introduced by the line terminations, ie: brass end plates and coaxial
connection transitions, was assumed to be negligible and no direct comparison with
measured radiated fields was provided. To the best of our knowledge, the critical
mechanism of electromagnetic radiation from a circular cross section cylinder wire is
more likely to be the discontinuous termination rather than the straight line itself
[6.18].

6.2.2

Hertzian Dipole Technique

The dipole technique can be used to calculate the electric and magnetic fields
193

Predicted Radiation Emission
from a known distribution of currents and charges [1.1] – [6.5]. It is most commonly
used in the theory of antennas including radiating fields from cables, where it requires
only the knowledge of source current density as a function of time and space [6.11]. In
most cases only static and quasistatic solutions are found in the frequency domain.
Any radiating sections in an electrical circuit may be regarded to be made up of a
chain of short ideal radiating dipoles [6.3]. These Hertzian dipoles are short enough
for the current to be approximated as constant along the length of each of the dipoles.
The total radiated electromagnetic field is the sum of each constituent dipole element.
For a single dipole element of length dl, in free space, the radiated fields can be
obtained in the frequency domain, as given in [6.3]. The current, I, is assumed to be
the same in magnitude and phase, at all points along the element length [6.4]. A
spherical coordinate system is commonly used to describe antennas, as illustrated in
Figure 6.2.1 [6.4].
z

P
θ

dl

Er
Eϕ
Eθ

y

ϕ
x
Figure 6.2.1: A Hertzian dipole element with its coordinate system
The Hertzian dipole method can be expressed in both time and frequency
domains, depending on the application. In the past, spectrum analysers and network
analysers are more efficient in the frequency domain, using heterodyne receivers.
However, recent developments are making time domain approaches more attractive,
prompting EMC designers to develop computational simulations in the time domain.
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6.3

Frequency Domain Radiated Field
This section reviews the mathematical basis for linear antennas as described by

Rao [6.5] and Balanis [6.18], in the frequency domain. The behavior of a linear
antenna begins with an analysis of an incremental antenna, ie: an antenna of
incremental length (substantially less than the wavelength of the driving signal). Given
the electromagnetic fields of such an incremental antenna, a Hertzian dipole, at a
distance from the antenna substantially larger than the wavelength of the signal, the
electromagnetic field produced by a linear antenna of larger length can be obtained by
suitable integration of the contribution from each elemental Hertzian antenna over the
length of that antenna.
The Hertzian dipole shown in Figure 6.2.1, corresponds to a short length wire (of
length

<<

where

is the wavelength of the signal) driven by an AC current of

frequency ω, where the wire is directed along the z-axis in a rectangular coordinate
system.
The current in the wire leads to a magnetic field encircling the wire, where the
magnetic field is given by [6.3]:
(6. 1)

where

is the unit vector along the line joining the current element and the

observation at r distance from the current element. The magnetic field can also be
expressed in terms of the vector potential [6.3]:
(6. 2)
where the magnetic vector potential due to the current element is [6.18]:
(6. 3)

where

is the unit vector in the z-direction.

195

Predicted Radiation Emission
Let the current at the dipole element be given by:
(6. 4)
At distances away from the dipole, there is a retardation effect due to the time
required for the electromagnetic field to propagate to the point

. Therefore, (6.3)

can be rewritten as:
(6. 5)

After being taken the curl of
intensity

in a spherical coordinates, the magnetic field

is given by:

(6. 6)

Given

, from Maxwell’s equations the electric field in free space is given by:
(6. 7)

where the two components of

are:
(6. 8)

(6. 9)

For a general field calculation of a system, which may contain many radiating
bodies in widely different attitudes, summation of the field components can best be
achieved using Cartesian coordinates. The radiation fields can be found in Cartesian
coordinates by using the following transformation described by Kraus [6.3]:

(6. 10)
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where
(6. 11)

(6. 12)
Figure 6.3.1 shows the cable configuration causing radiated fields investigated in
this thesis. Note that the transmission line is terminated by two brass end plates at each
end, which also contribute to the total radiating field of the system.

Brass End Plates
Connector

Cable
50Ω
l

h

Ground
Figure 6.3.1: Radiated field configuration
The length of each dipole element, l1 to lN, is short enough to permit the
assumption that the current along each segment is constant. Current values, I1 – IN, can
be obtained by numerical means, namely through simulation using frequency domain
transmission line model [6.21], as depicted in Figure 6.3.2.
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(a)
I

(b)

I1

I2

I3

l1

l2

l3

IN
lN

Figure 6.3.2: (a) A circuit of a simple one-wire above ground transmission line. (b)
The segmentation of the one-wire above ground transmission line for field calculation.
Since the radiation model for the configuration presented in this paper are for
cables over a perfect infinite ground plane, the image current has to be considered into
the model. Due to the ground plane, the radiated field can be represented using an
image of the transmission line with the return current of the primary conductor. In
Figure 6.3.1, the cable is connected to a brass plate at each end as support. Therefore,
another important factor that should be taken into account is the radiated field emitted
by the current on the brass end plates. The current flowing through the brass end plates
is assumed to be in the y-direction and is treated as individual dipole elements. Figure
6.3.3 presents a detailed radiated field model for the configuration in Figure 6.3.1.
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Figure 6.3.3: Detailed radiated field calculation for the configuration in Figure 2
where r1 – rN and ri1 – riN represent the distance between each dipole element of the
transmission line to the observation point, P, of the real and image parts respectively.
IEP1 and IEP2 denote the currents flowing in the end plates. EyEPR1 – EyEPR2 and EyEPIM1 –
EyEPIM2 represent the radiated field from the end plates in its real and image parts
respectively in the y-direction.
To determine the radiated field generated by the transmission line system as
shown in Figure 6.3.3, one can regard the transmission line as being made up of a
large number of short dipole radiators. As shown in Figure 6.3.2, the length of each
dipole is chosen to be short enough to permit the assumption of a Hertzian dipole.
(6. 13)
where ξ is the segment number and N is the total number of segments.
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The end plate currents can subsequently be defined as:
(6. 14)
(6. 15)
Given the observation point coordinates P(x, y, z), according to the Hertzian
dipole field theory addressed in section 6.2.2, one can compute the radiated fields from
all aspects in Figure 6.3.2. The total radiated field from the total transmission line
system can subsequently be calculated as:

(6. 16)

6.4

Time Domain Radiated Field
Similarly, for a general time domain field calculation of a system, which may

contain many radiating bodies in widely different attitudes, the Cartesian coordinate
system is more convenient for the summation of the field contributions, using the
transformation addressed by Kraus [6.3] in section 6.3. Hence, the time dependent
equations for the radiated electromagnetic fields are then given by [6.7]:

(6. 17)

(6. 18)

(6. 19)
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(6. 20)

(6. 21)
(6. 22)
where the term

denotes the retarded time [6.3], I is the current amplitude of

the dipole element and r is the distance of the observation point, P, at location (x, y, z)
from the dipole at the origin (0, 0, 0).
With the known current value from the radiating dipole at a retarded time
, the radiated electromagnetic field can be calculated using equations (6.17) –
(6.19) at the observation point, P, a distance r from the dipole centre. The integral
terms in equations (6.17) – (6.19) denotes the charge function, which calculates the
electrostatic field in the near field. The derivative terms in equations (6.17) – (6.22)
represents the induction fields with respect to the function of the dipole currents.
These equations were derived from [6.7] to determine the radiation field due to current
carrying conductors (transmission lines), such as PCBs and ribbon cables [6.21]. For a
more advanced use, this method is also used to calculate the electromagnetic fields
from isolated radiators such as a lightning source [6.12].
Using formulas (6.17) – (6.19), the radiating field of the circuit can be defined by
dividing the transmission line into small segments, where each segment is assumed to
be an individual dipole element with its own current amplitude [6.12]. Time domain
current values, I1 – IN, can be obtained by numerical means, namely through
simulation using TLM method (see Chapter 4) [6.7], as depicted in Figure 6.3.2.
The TLM numerical solution (See Chapter 4) calculates the transient cable
currents at nodal points that are, by necessity for accurate simulation, of separation
much less than the minimum transient wavelength. These divided nodal points
together with their associated transient currents are treated as a chain of Hertzian
dipole elements for the field calculation process, as shown in Figure 6.3.3. The centre
of each dipole element of the cable is the node connection points of the TLM
numerical model. The simulated transient currents are also discrete in time-step k (see
Chapter 4). The value of k∆t must be significantly less than the minimum period of the
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current transients. Therefore, the retardation factor

of the retarded time,

between an observation point P and a radiating dipole element can also be rounded to
the nearest simulation step of k without introducing a significant error [6.7].
Using the discrete form of the integral and derivative terms of the transient current
at a retarded time in equations (1) – (6), approximations derived by [6.7] is given by:

(6. 23)
(6. 24)
(6. 25)
The total radiated field calculated is the sum of both the real and image parts of
the radiated field in the transmission line, given by:

(6. 26)

6.5

Frequency Domain Transmission Line Model

6.5.1

Single Bare Copper Wire above Ground

A bare wire is investigated as the radiating line; the equivalent transmission
network circuit can be modelled as in Figure 6.5.1. Rb, Lb, Cb and Gb are the per-unitlength resistance [6.21], inductance, capacitance, and conductance, respectively. The
circuit is driven by a source voltage, VG. The source impedance, ZG is 50Ω and the
circuit is either terminated by an open circuit or 50Ω impedance. Z0 denotes the
characteristic impedance of transmission line system. Ct1 and Ct2 denote the connector
capacitances on each end (line-end discontinuities), which are similar in magnitude
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and given an estimated impedance value,

from S11 measurements

(see Appendix C).
Signal Source
Feeding Cable
and Connector

Load and
Connector

Z0

ZG

y
I ( z,  )

VG

Ct1

T. L.

z

Rb Lb
Gb Cb

Ct 2

V ( z,  )

ZL

x

z0

z  le

Figure 6.5.1: Equivalent transmission line circuit of a bare wire above ground
The solution of the bare wire above ground can be treated as two-conductor
transmission line system [6.21]. In the case of a periodic or non-periodic waveform,
the signal can be decomposed into a continuum of sinusoidal components via Fourier
Transform and the frequency analysis remains unchanged. One of the advantages in
frequency domain modelling is that losses of the conductors and its surrounding
dielectric can be easily handled in the frequency domain. The frequency domain
transmission line equations for a two-conductor bare wire circuit have been well
developed as:
(6. 27)

(6. 28)
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(a)

(b)

Figure 6.5.2: (a) Bare wire above ground plane. (b) Equivalent two-conductor
transmission line.
The bare wire transmission line geometry is as shown in Figure 6.5.2. By method
of images, the parameters of this configuration are thoroughly described by Paul
[6.21], giving:

(6. 29)

(6. 30)

(6. 31)

(6. 32)
where f is the frequency of the transmitted signal, 0 is the permeability of air,  0 is
the permittivity of air, δ is the skin depth,

is the copper conductivity and

is air

conductivity (≈ 0). The two equations (6.27) and (6.28) are solved simultaneously to
determine the current in each segment on the transmission line, finally obtaining the
reflection coefficients at the source and load in closed forms, given by:
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(6. 33)

where
(6. 34)

(6. 35)

(6. 36)
(6. 37)

(6. 38)

6.5.2

Single Coaxial Cable above Ground

To investigate the radiated fields from shielded coaxial cables, the bare wire in
section 6.5.1 was replaced by a RG-58 coaxial cable. Based on the conventional
shielded cable analysis method, Figure 6.5.3 gives the three-conductor system with
reference directions and notation [6.23] and [6.25].
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Signal Source Feeding
Cable and Connector

Load and
Connector

ZG

I S ( )
Internal transmission
line loop

Ct1

VG

Ct 2

ZL

SHIELD
I SH ( )

y

External transmission
line loop
z
x
z0

z  le

Figure 6.5.3: Shielded coaxial cable model for transmission line analysis
The whole system is interpreted as two transmission-line (TL) loops, where the
internal TL loop represents the internal conductor of the coaxial cable, while the
external TL loop represents the current return path between the coaxial braid and the
ground. Adopting the two current notations shown in Figure 6.5.4 for the inner and
outer system cable representation, the outer braid current flowing between the cable
sheath and the ground plane can be treated as the radiated field excitation current.
(a)

(b)

Figure 6.5.4: (a) Notation of the current in a shielded cable above ground. (b)
Equivalent two-conductor transmission line for external current loop.
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R1
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IS ( z,  )
C1
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External
TL cell

R2

G1

L2

ISH ( z,  )
C2

G2

Per-Unit-Length

Figure 6.5.5: Equivalent transmission line circuit of Figure 6.5.3
Figure 6.5.5 shows a segment of the internal and external TL loops illustrated in
Figure 6.5.3. The internal circuit of the coaxial cable can be also described by the
frequency differential equations (6.27) and (6.28). Solve these two simultaneous
equations (6.27) and (6.28) to determine the inner current of the core conductor:
(6. 39)

where
(6. 40)

(6. 41)
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The per-unit length parameters of the internal transmission line formed by the
core conductor and the braided shield are given by:

(6. 42)

(6. 43)
(6. 44)

(6. 45)
where a is the core conductor radius, b is the radius under braid, εr is the permittivity
of dielectric material, σr is the conductivity of dielectric material.
The transfer mechanism between the internal voltages and currents and the
external voltages and currents is modelled by the transfer impedance, ZT (See Chapter
2). Current flowing between the braid and the ground return is given by Sali [6.26] and
[6.27]:
(6. 46)
where

(6. 47)

(6. 48)
(6. 49)

(6. 50)
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The per-unit length parameters of the external transmission line formed between
the braided shield and ground plane are given by:

(6. 51)

(6. 52)

(6. 53)

(6. 54)

6.6

Experimental Set Up

6.6.1

Frequency Domain (FD) Measurement

Significant research has been done to obtain the predicted radiated field from
current carrying conductors [6.10], [6.12] and [6.15] – [6.17]. The radiated field
measurement arrangement is illustrated in Figure 6.6.1. The radiation measurements
were performed in a semi-anechoic chamber to reduce external interference reflections
and improve experimental accuracy. The Device under Test (DUT) includes a single
bare copper wire of 1.02m in length; or a RG-58 coaxial cable of 1.22m in length. The
DUT is placed above a 2m×0.5m aluminium ground plane, where it is placed on the
floor of the semi-anechoic chamber.
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Figure 6.6.1: Radiated electromagnetic field measurement set up for the DUT over a
finite ground plane

Figure 6.6.2: Details of the brass end plates used as support for the DUT for the
radiated field measurement
Figure 6.6.2 shows the details of the two brass end plates with dimensions
15cm×30cm, which are used to support the DUT. Two N-type connectors are used as
the connecting points for the copper wire at each end; whereas two SMA connectors
are used for the RG-58 coaxial cable. One end of the DUT is connected to a source;
and the other is attached to the load. A log periodic antenna Model 3146 is placed in
the yz plane above the cable to measure the z-direction of the radiated electromagnetic
field. The antenna is placed at 1.03m above the aluminium ground plane.
Measurements were carried out under two different termination cases, ie: 50Ω load
and an open circuit for both DUTs. Measurements were also performed with two
different heights where h = 3cm; and h = 5cm.
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A vector network analyzer (VNA) was used to provide the signal source and
detection. The cable is connected to Port 1, where it acts as a transmitter, of the VNA
and the log periodic antenna is in turn connected to Port 2 of the VNA, where it acts as
a receiver. Through calibration or the use of the antenna factor, the VNA is set up to
measure the radiated field emitted by the cable (S21) in dB, with a power of 10dBm
sweeping over a frequency range of 200MHz to 1GHz, sampling over 1601 points (see
Appendix A). The instrument and test leads were calibrated with an electronic
calibration module N4691-60003 (See Chapter 3).

6.7

Results
Simulation was performed for both cables, both in the frequency and time domain.

The cell dimension was chosen to be 0.01m for both cables. The copper wire is 102
segments long while the RG-58 coaxial cable is 122 segments long. Both the cables
are excited by a source Gaussian pulse, in series with a 50Ω resistance. The radiated
field for both the cables, Erad, can be calculated as:

(6. 55)

where the accent ~ denotes Fourier Transformed quantities.

6.7.1

Bare Wire above Ground

Figure 6.7.1 shows the comparison between the predicted and measured current
(see Appendix B) while Figure 6.7.2 shows the comparison between the predicted and
measured radiated field, for a bare wire above ground at height, h = 5cm, for both
cases of an open circuit and 50Ω termination, for both the frequency domain and TLM
models. Figure 6.7.3 shows the comparison between predicted and measured radiated
field at a height of h = 3cm.
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Figure 6.7.1: Comparison of current for a bare wire over ground, h = 5cm, measured
position z = 0.1m. (a) Open circuit termination. (b) 50Ω termination.
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Figure 6.7.2: Comparison of radiated field for a bare wire over ground, h = 5cm. (a)
Open circuit termination. (b) 50Ω termination.
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Figure 6.7.3: Comparison of radiated field for a bare wire over ground, h = 3cm. (a)
Open circuit termination. (b) 50Ω termination.
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6.7.2

RG-58 Coaxial Cable above Ground

In order to validate the accuracy of the TLM model, the predicted radiated field is
presented in the frequency domain by Fourier transforming the time domain quantities,
given in (6.26). Figure 6.7.4 shows the comparison between the predicted and
measured current (see Appendix B) while Figure 6.7.5 shows the comparison between
the predicted and measured radiated field, for a RG-58 coaxial cable above ground at
height, h = 5cm, for both cases of an open circuit and 50Ω termination, for both the
frequency domain and TLM models. Figure 6.7.6 shows the comparison between
predicted and measured radiated field with a height of h = 3cm.

215

Predicted Radiation Emission
(a)

80

FD Model
Measurement
TLM Model

Amptitude (dB A)

60
40
20
0
-20
200M

300M

400M

500M 600M 700M
Frequency (Hz)

800M

900M

1G

(b)

80

FD Model
Measurement
TLM Model

Amptitude (dB A)

60
40
20
0
-20
200M

300M

400M

500M 600M 700M
Frequency (Hz)

800M

900M

1G

Figure 6.7.4: Comparison of current for a RG-58 coaxial cable over ground, h = 5cm,
measured position z = 0.1m. (a) Open circuit termination. (b) 50Ω termination.
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Figure 6.7.5: Comparison of radiated field for a RG-58 coaxial cable over ground, h
= 5cm. (a) Open circuit termination. (b) 50Ω termination.
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Figure 6.7.6: Comparison of radiated field for a bare wire over ground, h = 3cm. (a)
Open circuit termination. (b) 50Ω termination.
Figures 6.7.1 and 6.7.4 compares between the calculated current spectra and
measured results using the current probe for both the bare wire and coaxial cable
above ground, respectively. Both the open load and 50Ω resistive load results show
good agreement between the simulation models and measurement. Meanwhile,
Figures 6.7.2 and 6.7.3 present the radiated field comparison of calculated results and
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measured results from the bare wire while Figures 6.7.5 and 6.7.6 show the radiated
field comparison of calculated results and measured results from the RG-58 coaxial
cable. Notice that both the open circuit results and 50Ω resistive load results show
relatively good agreement between the measured and simulated results, with respect to
both the several resonant frequencies and the peak values.
It is observed that the radiated field prediction for a bare copper wire is in better
agreement as compared to the RG-58 coaxial cable. This may be due to the
inaccuracies in the modelling of the coaxial braid current. Nonetheless, the peak
resonant frequencies can be clearly captured in both cases. The difference in some of
the peaks of the resonant frequencies may be due to the inaccurate placing of the
antenna position. The antenna is placed above and in the middle of the cable, as seen
in Figure 6.6.1. Any uncertainty in the position of the antenna during measurement
procedures causes significant discrepancy in the radiated field results.
Notice that when radiated field measurements were performed, the brass end
plates in section 3.2.1 are replaced with one with smaller dimensions, as presented in
section 6.6.1. The reason to this is that for larger connector plates, the larger the
amount of radiated field from the connector plates. As illustrated in Figure 6.7.7, if the
original connector plates from section 3.2.1 are used, the top of the connector plates
becomes isolated (shown in red). Thus, it is assumed to be a monopole, with its excess
radiating field being picked up by the antenna, causing inaccurate readings.

Figure 6.7.7: The monopole effect causing inaccurate radiated field measurement if a
larger brass end plate is used.
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Another important problem that may require future investigation would be the
brass end plates. The current flowing through the end plates is too complicated to
model in a 1D TLM model, which may explain the slight difference in pattern in the
radiated field results.

6.8

Conclusions
In this chapter, a modelling technique has been presented to evaluate the predicted

radiated electromagnetic fields from interconnect cables, known as the Hertzian dipole
technique. Based on the Hertzian dipole theory, the radiating cable comprise of a large
number of short dipoles. Subsequently, the radiated field emitted by the cable is the
summation of all current contributions from each of the dipole. Two transmission line
modelling techniques have been implemented in the prediction of the radiated field, ie:
time domain model (TLM), and frequency domain analysis. Two types of
interconnects are investigated, ie: bare copper wire and the RG-58 coaxial cable. In
both cases, the transient current derived from the numerical model is used to calculate
the radiated field. Experimental verifications were performed to validate the radiated
field prediction accuracy of both the time and frequency domain models. Comparison
between the predicted and measured electromagnetic fields radiated by both types of
interconnects show very good agreement within the validity of the modelling
assumptions and measurement uncertainties.
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CHAP TE R 7
CO N CL US IO NS AN D FU T UR E W O RK
7.1

Conclusions
The main objective of this thesis is the modelling of interconnects, mainly coaxial

cables and multiconductor lines. It involves the time domain numerical simulation and
prediction of crosstalk between two coaxial cables in free space and over a perfect
conducting ground plane; as well as numerical time and frequency domain radiated
field models to predict radiated field emission from a single bare copper wire and a
single coaxial cable above a perfectly conducting ground plane. The research work
includes both measurements and modelling techniques (based on the TLM method).
For the experimental verification of crosstalk, the degree of coupling is observed at
the near end of the adjacent (victim) cable; for which numerical solution is developed
and compared with the measurements. The near-field radiated field measurement is
obtained from a log-periodic antenna. A method of predicting the resultant
electromagnetic field (Hertzian dipole technique) using simulated data from the time
(TLM method) and frequency domains is employed and results are compared against
measurements. The conclusions of this research can be summarised as below.
In Chapter 2, theoretical knowledge of coaxial cable coupling is presented. In this
work, the cable coupling due to transfer impedance alone is considered as the effect of
transfer admittance is negligible for non-optimised cable braids [7.1]. A comparison is
made between three different transfer impedance modelling techniques (Tyni, Vance
and Kley models) of the coaxial cable, where the model with best accuracy proposed
by Kley is chosen for this work. The coupling due to the transfer impedance occurs
when the cables are laid in parallel along a common path. It is found that the nature of
the terminations strongly affects the degree of coupling at high frequencies due to the
stray reactance they introduce. If the cables are terminated at a common equipment
cabinet, the stray reactance is mostly inductive. However, if the cables are connected
to electrically isolated units, the stray reactance will be primarily capacitive.
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The coupling path between the driven source cable and the victim cable is via the
tertiary circuit, which serves as a conduit transferring EMI to the victim circuit
through the currents in the braided shield. The two configurations investigated in this
work were the coupling between two coaxial cables in free space and the coupling
between two coaxial cables over a perfect conducting ground plane. By assuming that
both cables are identical; and the metallic ground plane is perfect and infinitely large,
the tertiary circuit parameters were correspondingly derived in [7.2] for the two
configurations investigated.
In Chapter 3, the crosstalk experiment together with the measurement
configurations are presented. The configuration involves coupling measurements
between two RG-58 coaxial cables in free space and over a metallic ground plane;
with results obtained in both the time and frequency domains. Various measurement
results were taken by varying the separation between the two cables and the height
between the cables and the metallic ground plane. The external impedance of the
connector plates were also measured using a Time Domain Reflectometer (TDR) to
obtain an approximation of the tertiary circuit termination’s stray inductance since the
cables are placed in parallel along common brass connector plates, as presented in
Chapter 2. Measurements were taken for both modes; the differential mode, formed by
the external surfaces of the two cable braids as well as the connector plates; and the
common mode, formed by the return path between the cable braid and the metallic
ground plane.
In Chapter 4, the numerical modelling technique based on the 1D Transmission
Line Modelling (TLM) method was introduced. The 1D TLM model can be divided
into three main tasks, starting with the initial problem definition and followed by the
calculation of voltages and currents, which propagate by “scatter” and “connection”.
In implementing this method for crosstalk simulation, several factors are considered
such as time synchronisation of all three circuits (source, tertiary and victim circuits);
and also numerically modelling the cable braid’s surface transfer impedance using two
techniques, the stub inductance model and digital filter model.
Propagation of the tertiary circuit is in free space while both the source and victim
coaxial lines have polymer insulation. For ease of computation, it is necessary for the
time and space steps to be the same for all three circuits. A time synchronisation
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method is implemented in the 1D TLM model by an addition of a capacitive stub into
both the source and victim coaxial lines to adjust the propagation velocities in all three
circuits.
The coupling path from one circuit to another is numerically modelled through
the frequency dependent models of the surface transfer impedance. The surface
transfer impedance is approximated by a simple L-R circuit where the inductance can
be represented as a stub for modelling it in the time domain. As for the alternative
digital filter model, the inductance is represented using the bilinear z-transform
method. The bilinear z-transform is a first-order approximation of the differential
equations that maps the z-(digital) plane to the s-(analog) plane. The inductance of the
transfer impedance is derived in the s-plane using the z-plane representation before
solving for the entire transfer impedance function. Nonetheless, both stub inductance
and digital filter models agree exactly with each other.
The crosstalk of two conductors in free space is governed by the differential mode
current. However, when the two conductors are placed over a conducting ground
plane, the crosstalk is governed by both the differential and common modes. In this
case, a multimode model is developed and implemented using 1D TLM model. The
modal components and the corresponding propagation velocities for each mode were
initially introduced and obtained. The system is then separated into external coupling
regions, mode conversion and mode propagation regions. Coupling path was attained
by converting the modal quantities, combined with the coupling source terms, into line
parameters; each propagation mode (differential and common modes) of the coupling
path was represented by their corresponding modal impedances. The reconversion of
the adjacent victim cable line parameters to modal quantities was finally implemented
to allow propagation to the next coupling region.
It can be concluded that the numerical model of the system is successfully
modelled using the TLM technique. Predictions show that the characterisation of the
braid’s transfer impedance is insufficient to predict accurate results when compared
against measurements. The results also successfully compared the effects of including
the brass end plates into the system and can finally be concluded that the peaks of the
resonant frequencies correspond to the resonant frequencies in the tertiary circuit.
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In Chapter 5, the analysis of the skin depth effect is included as a loss factor in the
characterisation of the tertiary circuit (braided shield). Skin depth effects are usually
modelled in the frequency domain. Time domain skin depth models comprise of
branches of R-L lumped circuits. Most proposed time domain models have a relatively
large number of R-L branches, resulting in slow computation. The two most suitable
models are due to (Kim et al. [7.4] and Bidyut et al. [7.3]). The two models were
investigated and compared; and both agree very well with each other.
The model proposed by Bidyut et al. [7.3] consists of a six branch ladder circuit
and is convenient to implement at low frequencies. As frequency increases, the
number of branches required increases, resulting in slow computation. The model
proposed by Kim et al. [7.4] consists of a compact four ladder circuit and can be
implemented over any desired frequency range using a matrix model.
It can be concluded that good agreement is obtained for both the crosstalk
configurations; two coaxial cables in free space as well as over a perfectly conducting
ground plane; presented in both time and frequency domains when compared against
the measurement results. Predictions include a complete characterisation of the tertiary
circuit through the braid’s transfer impedance, the impedance at the connector plates,
and skin depth effect.
In Chapter 6, a modelling technique has been presented to predict the radiated
electromagnetic fields from interconnect cables, known as the Hertzian dipole
technique. Based on the Hertzian dipole theory, the radiating cable is split up in a
large number of short dipoles. The total radiated field emitted by the cable is the
summation of all current contributions from each of the dipoles. Two transmission line
modelling techniques have been implemented in the prediction of the radiated field, ie:
time domain model based on TLM, and frequency domain analysis. Two types of
interconnect are investigated, ie: bare copper wire and the RG-58 coaxial cable. In
both cases, the transient current derived from the numerical model is used to calculate
the radiated field. Experimental verifications were performed to validate the radiated
field prediction accuracy of both the time and frequency domain models.
Radiating sections of the TLM equivalent circuit are assumed to behave as ideal
radiating antennas with a transient current given from a time-domain simulation of the
circuit. In both cases, the transient current derived from the numerical model is used to
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calculate the radiated field. In this study, radiated field measurements obtained using
an antenna agree with the radiation calculated using the transient currents obtained
from the TLM numerical model. The approach is general and it enables solution of
practical interconnect configurations.
It was found that the radiated field prediction for a bare copper wire was in better
agreement with measurements compared to the RG-58 coaxial cable. This may be due
to inaccuracies in the modelling of the coaxial braid current. Another factor governing
the slight discrepancy in the results may also be due to the uncertainty in the position
of the antenna during measurement procedures. Nonetheless, comparison between the
predicted and measured electromagnetic fields radiated for both types of interconnects
show very good agreement with measurements within the validity of the modelling
assumptions and measurement uncertainties.
It can be concluded that good agreement is obtained for both the configurations,
in both time and frequency domains when compared to the measurements. It was
shown that the amplitude and resonance frequencies of crosstalk are dependent on the
geometry of the tertiary circuit. In most situations, the cable geometry is poorly
defined in practical situations so therefore resonant peaks and frequencies may not
match accurately with the numerical solutions. Comparison between measured and
numerical solution show that the TLM solution successfully models the coupling.
However, it is observed that the coupling prediction become less accurate at higher
frequencies. This is due to that factors such as radiation loss etc. were not included in
the numerical model. This study proved that when the skin depth effect and the excess
impedance at the connector plates are omitted from the tertiary circuit, noticeable
discrepancies are observed between measurements and the TLM solution. A further
advantage of this study is that in addition to the importance of crosstalk to EMC
studies, the presentation of results in the time domain is also valuable for Signal
Integrity studies where the exact shape of the waveforms is important for the correct
operation of fast digital circuits.

228

Future work and Conclusions

7.2

Future Works
The factors affecting the degree coupling in multiconductor lines are clearly

identified and modelled in the current research. This work can be regarded as a basis
to develop intermediate design tools for EMC problems from multiconductor lines.
Some future work is proposed in this section.
The equivalent circuits formulas developed in this work may be further improved
to solve more complex and realistic systems and subsequently to obtain more accurate
results; more specifically the following aspects are worth considering:

7.2.1

The Effects of Transfer Admittance at High Frequencies

The concept of transfer admittance of a cable braid is briefly discussed in Chapter
2 (see section 2.2). In addition to coupling produced by penetration of the magnetic
field through apertures in the shield (transfer impedance), there is also electric
coupling produced by an electric field, which would otherwise terminate on the outer
surface of the shield, penetrating through the holes in the shield and terminating on the
inner conductors [7.5]. Coupling of this form is represented by transfer admittance, YT,
between the return path for the shield current and the inner conductors as illustrated in
Figure 7.2.1.

Figure 7.2.1: Coupled line showing transfer impedance ZT and transfer admittance YT
of a segment, dx, of a transmission line [7.5]
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where Zi and Yi denote the impedance and admittance of the internal conductor
respectively; Ze and Ye denote the impedance and admittance of the external circuit
(tertiary circuit) respectively; V0 and I0 denote the voltage and current between the
external return from the source cable and the internal conductor respectively; and V
and I denote the voltage and current between the shield and the internal conductor
respectively.
As discussed in Chapter 2 (see section 2.3), the effects of transfer admittance, YT,
is negligible in non-optimised cable braids [7.6]. However, this investigation is only
proven for frequencies up to 1GHz. The relevance of the transfer admittance should be
included in the model to observe its effects at frequencies above 1GHz. Investigation
should also be carried out to compare the relevance of transfer admittance in
optimised and standard cable braids at high frequencies.

7.2.2

High Frequency Time Domain Crosstalk

In current research, the time domain crosstalk can only be measured at low
frequencies due to the Time Domain Oscilloscope (TDO) and Pulse Arbitrary
Function Generator (PAFG) limitations. It would be interesting to observe the
crosstalk pattern in the time domain when a square wave of high frequency, sufficient
to cover at least two resonant frequency peaks in the desired range of frequencies, is
applied.

7.2.3

Three-Dimensional TLM Model

Work in this thesis is based on using the 1D TLM method. To fully study the
current flow patterns in open waveguide, 3D TLM model is required [7.8]. This is
essential especially in modelling the brass connector plates. A 1D TLM model cannot
fully model the current in the end plates. The reason is illustrated in Figure 7.2.2. This
figure shows that current, It, is non-uniformly distributed as it travels through the brass
end plates. This in turn affects the termination inductance which will vary with
frequency.
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Figure 7.2.2: Complex current flow in the tertiary circuit which requires 3D TLM
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AP P EN DIX
A.

Log-Periodic Antenna Calibration
In general, an antenna can be used to receive, as well as emit, electromagnetic

radiation. An antenna which transmits most of their radiation in a particular direction
is also preferentially sensitive to the radiation incident from the corresponding
direction. In section 6.6.1, before the radiated field measurements were carried out, the
calibration of the log-periodic antenna Model 3146 is done in a semi-anechoic
chamber in order to obtain its antenna factor (AF). The AF is used by radio frequency
(RF) or EMC antenna engineers to describe the required electric field strength that
produces 1 Volt at the terminals of an antenna. Alternatively, the AF is defined as
what the received voltage is in the presence of an electric field, given by:
(A. 1)
For the specified log-periodic antenna Model 3146, which spans from frequencies
200MHz – 1GHz, its AF characterisation is illustrated in Figure A.1.

Figure A.1: The characterisation of the log-periodic antenna Model 3146
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The calculation of the AF is given by (see [6.4], pp. 160):

(A. 1)

where S21 denotes the coupling between two antennas in dB; η0 denotes the intrinsic
impedance in free space (≈377Ω); Z0 denotes the input impedance of the receiving
antenna from the network analyser (50Ω); l denotes the separation between the two
antennas, where in this case, the 1m calibration is performed. Finally, λ0 denotes the
wavelength which is given by:
(A. 2)
where c is defined as the speed of light (≈3×108ms-1) and f denotes the frequency.
Figure A.2 shows the comparison of the AF (in dB) values between data sheet and
the calibrated data of the log-periodic antenna Model 3146, using (A.1).
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Figure A.2: Comparison of AF of the log-periodic antenna between data sheet and
calibrated values
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B.

Current Probe Measurement
In section 6.7, a comparison between the measured and predicted current was

presented. In order to measure the current flowing in the cables (DUT), a current
probe was used. The specifications of the current probe used are presented in Table
A.1.
Model:

Eaton Corp. Model 94111-1 948

Frequency Range:

1MHz - 1GHz

Table A.1: Specifications of the current probe used
With the same instruments and parameters in section 6.6, the antenna is replaced
by the said current probe as a receiver, as illustrated in Figure B.1

Figure B.1: Current spectra measurement using current probe
The current, I, along the DUT is calculated from the receiver reading of the
current probe output in volts divided by the probe transfer impedance, Zt. If the
readings on the receiver, S21, are recorded in dBμV, Zt in dBΩ is only required to be
subtracted in order to convert the readings to dBμA, as given by:
(B. 1)
where Zt values can be obtained from the data sheet.
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C.

S11 Measurements of the Line-End Discontinuities
The models for the line-end discontinuities have been determined using a 6cm

length and 5cm height line configuration shown in Figure C.1. An equivalent model
for this structure is developed in Figure C.2, yielding two terminated capacitances to
add at the line-ends. Figure C.2 also shows that the short line is represented by
connecting two short nominal sections in cascade. A good approximation of the
highest frequency range represented by the two cascaded nominal circuits is given by
(see [6.19], pp. 185):
(C. 1)
where N denotes the number of segments and l denotes the line length. The
representation of this distributed effect by the equivalent lumped model in Figure C.2
is not valid above the frequency of 3.18GHz.

Figure C.1: Short line measurement for the line-end discontinuities characterisation
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Figure C.2: Equivalent LC network for a 6cm length transmission line
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An experimental characterisation, in terms of scattering parameters S11, has been
performed to derive the LC model of Figure C.2. It relies on the knowledge of the
input impedance, Zin, of the whole circuit, which is extracted from the reflection
coefficient, S11, parameter of the circuit obtained from a vector network analyser
(VNA):
(C. 2)
where ZG is the nominal impedance of the VNA. The evolution of the cable
impedance according to the frequency of a 6cm line length in short circuit (SC) and
open circuit (OC) is represented in Figure C.3. At low frequencies, the SC impedance
profile is basically inductive, while the OC impedance is capacitive.
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Figure C.3: Evolution of the line impedances (6cm length) comprising short circuit
and open circuit configurations
From the measurement data shown in Figure C.3, the equivalent total capacitance
and inductance through the impedance profile can be determined as:
(C. 3)

(C. 4)
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Although the total inductance and capacitance are frequency dependent, it is
assumed that the values are approximately constant over the frequency range of
interest at 74.75nH and 6.19pF, respectively. Finally, by solving the circuit in Figure
C.2, the capacitance and inductance parameters for each segment can be computed
(see [6.21], pp. 185), yielding

; and

, representing the

capacitances and inductances for the terminations (end plates), respectively.
The results obtained through this representation are shown in Figures C.4 and C.5.
The empirical model proposed by estimates approximately 1pF for the line-end
transition. In fact, as shown in Figure C.5, the empirical model predicts the first
resonant frequency at an estimated 570MHz, whereas the actual resonance takes place
at approximately 310MHz.
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Figure C.4: Comparison of measured and simulated results of an open circuit
configuration for the 6cm length wire above ground
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Figure C.5: Comparison of measured and simulated results of a short circuit
configuration for the 6cm length wire above ground
For validation purposes, Figure C.6 plots the simulation results of a 30cm length
round wire over a conducting ground plane, showing open and short circuit
configurations; comparing with the experimental measurements for the same
configuration shown in Figure C.1. The results obtained with this proposed model are
very satisfying, providing a good description of the line-end discontinuities behaviour.
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Figure C.6: Evolution of the line impedances (30cm length) comprising short circuit
and open circuit configurations (comparing measured and simulated results)
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D.

RG-58 Coaxial Cable Parameters
RG-58 COAXIAL CABLE PROPERTIES

Symbol

Quantity

Value

e

number of carriers

9

N

number of wires in each carrier

12

l

length

b

hole width

0.377mm

dr

wire diameter

0.127mm

Dm

mean braid diameter

3.27mm

D0

outer diameter of dielectric

2.95mm

Rm

mean braid radius

1.635mm

Rb

outer radius of dielectric

1.475mm

α

braid angle

27.42˚

σ

conductivity

58.82M Sm-1

εr

relative permittivity

1.22m

2.25

Table D.1: RG-58 coaxial cable properties
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